A New and Efficient Method of Designing L ow

Noise Microwave Oscillators

By

Ulrich L. Rohde
Chairman

Synergy Microwave Cor poration



Table of Contents

Introduction

Genera Comments on Oscillators

2.1
2.2
2.3

Phase Noise Effects
Specifications of Oscillators and VCOs
History of Microwave Oscillators

24  Three Types of Microwave Oscillators

Transistor Models

Large Signa S-Parameters

4.1
4.2

Definition
Large Signa S-Parameter M easurements

Resonator Choices

5.1
5.2
5.3
5.4

L C Resonators
Microstrip Resonators
Ceramic Resonators
Dielectric Resonators

General Theory of Oscillators

6.1

6.2

Oscillator Equations

6.1.1 The Calculation of the Oscillating Condition
6.1.2 Parallel Feedback Oscillator

Large-Signal Oscillator Design

6.2.1 Start-Up Condition

6.2.2 Steady-State Behavior

6.2.3 Time-Domain Behavior

Noise in Oscillators

7.1
7.2

Linear Approach to the Calculation of Oscillator Phase Noise
Phase Noise Measurements

Calculation and Optimization of Phase Noise in Oscillators

8.1
8.2
8.3
8.4
8.5

Introduction

Oscillator Configurations

Oscillator Phase Noise Model for the Synthesis Procedure
Phase Noise Analysis Based on the Negative Resistance Model
Phase Noise Analysis Based on the Feedback Model

10

29

38

48

94

91

106



10

11

12

13

Validation Circuits

9.1 1000 MHz CRO

9.2 4100 MHz Oscillator with Transmission Line Resonators
9.3 2000 MHz GaAs FET-Based Oscillator

Conclusions and Future Possibilities
Abbreviations and Symbols
References

Appendices
A. Design of an Oscillator Using Large Signal S-Parameters

B. Design Example for Large Signal Design Based on
Bessel Functions

C. Design Example for Best Phase Noise and Good Output Power

152

165

167

173

A-1
B-1

C-1



1 I ntroduction

The need for oscillators has been in existence for along time. The first time it became an
important issue was when Maxwell’s Equations were to be experimentally proven.
Heinrich Hertz made the first known oscillator. He used a dipole as the resonator and a
spark gap generator as the oscillator circuit as shown in Figure 1-1.

Figure 1-1 Original dipole made by Heinrich Hertz in 1887 using balls at the end to form a capacitive
load (Deutsches Museum, Munich).

The spark gap oscillator changes AC or DC power into a spark which is energy rich and
wide band. The dipole then takes the energy at the resonant frequency, radiated it and
caused an electromagnetic field. Other discharges such as lightning with dort pulse
duration generates RF power from afew tens of KHz to hundreds of MHz.

Figure 1-2 Dipole formed by two conical resonators with spark gap (1914).

Figure 1-3 Dipole oscillator after Ludenia placed in a parabolic mirror to increase efficiency (1929).

Figures 1-2 and 1-3 show additional examples of early oscillators. The pictures in this
section are taken from [1].

Today, oscillators are used in test and measurement equipment and communication
equipment. Given the large number of two-way radios and handies (cellphones) in use,
they are the largest group of users. In this paper high performance and high volume
applications are considered, but not the mass-market applications. | will consider



external resonators rather than monolithic resonators because high-quality phase noise
requirements have only been met using external resonators thus far.

In these applications, the oscillators have to meet a variety of specifications, which affect
the quality of operation of the system. An important feature is the cleanliness of the
oscillator (low phase noise) and its freedom of spurious signals and noise. While the
oscillator is almost aways used as a voltage-controlled oscillator (VCO) in a frequency
synthesizer system, its free-running noise performance outside the loop is still extremely
important and solely determined by the oscillator.

An oscillator is a circuit that consists of an amplifier and a resonator. The feedback
circuit takes a portion of the energy from the output of the amplifier and feeds it into the
resonator to compensate its losses. The amplitude of the oscillator depends on the DC
input power and the circuit itself. A small portion of the energy is used to sustain
oscillation. Most of the RF power is available to be withdrawn at the output to be further
amplified and used depending on the application. The frequency of the oscillator is
largely determined by the resonator.

The classic papers deal with the maximum output power and noise properties of an
oscillator as they were first measured and then optimized by trial and error. Even thisdid
not always provide the best possible answer. The purpose of thiswork isto give, for the
first time, a new, smple, complete, but efficient way to “synthesize” the design of a high
performance, low noise oscillator. A general solution will be discussed and validation for
the popular Colpitts/Clapp oscillator will be found. This approach will be valid for all
types of oscillators [2-9].

Anintensive literature search has been done to cover al the relevant previously published
discussions.

Thefirst approach to understand the noise properties of an oscillator, was done by Leeson
[70] in 1966. This classic paper is still an extraordinarily good design guide. The
advantage of this approach is the fact that it is easy to understand and leads to a good
approximation of the phase noise. The drawback of this approach is the fact that the
values for the flicker noise contribution, which is a necessary input to the equation, the
RF output power, the loaded Q, and the noise factor of the amplifier under large-signa
conditions, are not known. Other classic papers, such as Kurokawa [82], indicate where
the operating point for best phase noise lies, but the value of the phase noise as such is
not known [17]. The next breakthrough in oscillator noise analysis was developed by
Rizzoli [77-79]. It is based on a noise correlation matrix and incorporates the various
noise sources from the active device. Commercial simulation programs use a fixed
topology for the transistor models. Available are the Gummel-Poon bipolar transistor
model, an HBT model, the various gallium arsenide FET-based models, as well as MOS



and JFET models. The implementation of the noise sources for these semiconductors are
shown in the user’s manual of the smulator, specifically the model library.

The latest approach is a genera noise theory for arbitrary circuits as shown by Lee and
Hajimiri [64-67]. Their noise model is based on the time varying properties of the
current waveform of the oscillator and the phase noise analysis is based on the effect of
noise impulse on a periodic signal.

If an impulse is injected into the tuned circuit at the peak of the signal, it will cause
maximum amplitude modulation and no phase modulation. If an impulse is injected at
the zero crossing of the signal, there will be no amplitude modulation but maximum
phase modulation. If noise impulses are injected between zero crossing and the peak,
there will be components of both phase and amplitude modulation. Based on this theory
and the intention to obtain the best phase noise, a specia technique has to be adopted to
make sure that any noise impulse occurs at the peak of the output voltage rather than any
other point. Lee and Haimiri introduced an impulse sengitivity function (ISF), which is
different for each oscillator topology. This ISF is a dimensionless function periodic in
2p. It hasits largest value when the most phase modulation occurs and has the smallest
value when only amplitude modulation occurs.

This approach appears to be purely mathematical. It lacks practicality. The calculation
of the ISF is tedious and depends upon the oscillator topology. The flicker noise
conversion is not clearly defined. Also, there is no general mathematical equation that
can be written about the phase noise in terms of components of the circuit, which can be
differentiated to obtain both maximum power and best noise performance. Recent
publications by Tom Lee have shown that the noise analysis for a given topology can be
expressed and give good results once all the data is known, but does not lead to exact
design rules[107]. Similar to the Leeson equation, it suffers from the fact that the actual
noise performance of the device, the loaded Q and the output power, are not known a
priori. As amatter of fact, some of the published oscillators by Lee and Hajimiri could
be “optimized.” This means that the published oscillator circuit did not have the best
possible phase noise. By using the optimizer of a commercia harmonic-balance
program, the phase noise could be improved significantly. Of course, a good direct
synthesis procedure would have given the correct answer immediately.

The oscillators considered in this work are based on commercially available silicon
bipolar transistors and silicon germanium transistors. As most designers and companies
do not have elaborate and expensive equipment for parameter extraction (to obtain
accurate nonlinear models), this concept of synthesis is based on using available data
from the manufacturer as well as measurements of large-signal S-parameters using a
network analyzer. Modern microwave transistors are very well characterized by the
manufacturer up to approximately 6 GHz. Noise data, as well as a SPICE-type Gummel-
Poon model data set are available.



There are several oscillator topologies. For the purpose of validating the general synthesis
procedure, initially, a smple transistor circuit (Colpitts/Clapp oscillator) is used as the
basis of discussion [2-8]. The oscillator itself can be described as a one-port device
supplying a negative resistance to the tuned circuit, which is idea to determine the best
feedback network. Alternatively, it can be described as a two-port device using a
resonator and an amplifier and alows us to calculate the complete noise analysis. It will
be shown that both cases provide the same answer. The second case gives more insight
into the phase noise calculation. For the first time, this new mathematical approach will
show a step-by-step procedure using large-signa conditions on how to design an
oscillator with good output power (high efficiency) and phase noise. As athird case, the
values for Py, Q, and F required for the Leeson equation will be numerically
determined. All three cases will give an excellent agreement with the oscillator built
under these test conditions and its measurements starting from the smple oscillator. A
more complex circuit, including all the parasitics, will be used to show the general
validity of this approach (Appendix C).

Any successful design for microwave oscillators mandates, besides building and
measuring it, the use and validation with a microwave harmonic-balance smulator. In the
harmonic-balance analysis method, there are two techniques in use to convert between
the time-domain nonlinear model and the frequency-domain evauation of the harmonic
currents of the linear network. One technique is the Almost Periodic Discrete Fourier
Transform technique (APDFT) and the other is the Multi-Dimensional Fast Fourier
Transform technique (MFFT) using quasi-analytic or analytic derivatives to evaluate the
Jacobian matrix. The first one, which has a somewhat random sampling approach, has a
typical dynamic range of 75 to 8 dB, while the second one offers greater than 180 dB
dynamic range.

In mixer designs and intermodulation analysis, which includes the calculation of noisein
oscillator circuits, it is important to be able to accurately predict a small signal in the
presence of alarge signal. To reliably predict this, the dynamic range (theratio of alarge
signal to a minimally detectable small signal) needs to be more than 175 dB. The
APDFT technique was found to have a dynamic range of 75 dB, while the MFFT, and
with analytically calculated derivatives, was found to have a dynamic final dynamic
range of 190 dB. Given the fact that in noise calculations for oscillators, a noise floor of
—174 dBm is the lower reference and the reference level can be as high as +20 dBm up to
190 dB dynamic range is required. Such a numericaly stable approach is definitely
required [10-13].

Organization

Thiswork is organized in 14 Sections.



Section 1 — the Introduction, describes the purpose of the work and defines the problem.

Section 2 — defines the oscillator, its application, and parameters. In addition, the history
of microwave oscillators is briefly discussed and various types of oscillators are
introduced.

Section 3 — describes the various transistor models and givesinsight into their parameters
and their presentation. For better understanding, some current examples are shown.

Section 4 — develops the concept of “large-signa S parameters’. The transistor models
shown in Section 3 are mostly provided in linear form; the large-signal conditions have to
be determined from the SPICE-type time-domain signa parameters. A good way of
describing a transistor under large-signal conditions is the use of “large-signd S
parameters’ which are introduced here. Examples of measured S-parameters are shown
[18-53].

Section 5 — discusses resonators used for the frequency selective circuit of the oscillator.
The popular resonators are shown and resulting Q factors are discussed.

Section 6 — develops a comprehensive treatment d the oscillator. Initially, the linear
theory is shown, which explains the design strategy. There are two types of oscillator
configurations that are relevant. One is the parallel type and the other is the series type.
For both cases, a numerical design is shown. The more precise design method of an
oscillator is an approach which considers large-signal conditions. Therefore, the start-up
conditions are described, then the steady-state behavior. Under large-signal conditions,
the time-domain behavior has to be considered, as the collector (or drain) current now
consists of a DC component and harmonically related RF currents. In order to describe
this, a normalized drive levd is introduced which determines the conducting angle. As
the conducting angle becomes narrower, the efficiency increases and the noise improves.
However, there is a wide range over which the output power is constant, but the noise
varies widely.  Finding this optimum condition is the objective of Section 8. This
section is supported by Appendix A.

Section 7 —isadetailed discussion of noise in oscillators, both linear and nonlinear. The
linear section shows how the Leeson model is derived, which is used as the best case
model. It contains the loaded Q, the noise factor, and the output power. These three
variables determine the phase noise of an oscillator. The linear example is now useful
because these three values were practically unknown. An accurate calculation based on
large-signal S-parameters, specifically Sy, is possible for the first time. Finaly, a phase
noise test setup is shown which is used to validate this large-signal noise theory. This
section is supported by Appendix B.



Section 8 —is the key contribution of this work. Section 6 gave a good insight into the
large-signal operation of the oscillator, including its optimization for power, and
discussed some phase noise results under these conditions. As mentioned, the normalized
drive level x can vary over a broad range with output powers only changing afew dB’s,
while the phase noise changes drastically. A change in a few dB of output power
drastically changes the efficiency, but the goal here is to find the best phase noise
condition. After showing that reducing the conducting angle and proving that the phase
noise gets better, the actual noise calculation and termination of the feedback capacitance
isshown. There are three cases:

1. First isthe Leeson equation, which contains a need for output power, operating noise
figure, and loaded Q istested for itsvalidity. To do this, the exact calculations for the
output power, the loaded Q, and the resulting noise factor are presented. An example
shows the accuracy of this approach is limited, however, since an idea transistor
without parasitics is assumed.

2. The second approach calculates the noise contribution of a time varying negative
resistance that cancels the losses. It will be shown that this is a time average value,
that the noise calculations can be further improved, and the optimum feedback
conditions are found.

3. The third and final approach is based on the loop approach and considers all noise
contributions. Therefore it is the most accurate way to determine the oscillator’s
performance. A graphical differentiation of the phase noise equation shows aregion
to obtain the best phase noise. The phase noise increases on either side of this optimal
point.

Appendix C shows a complete approach to the design.

Section 9 — shows three selected microwave oscillators for validation purposes which
provide state-of-the-art phase noise. Their design was built upon the optimization shown
in Section 8. Bipolar transistors and GaAs FETs are used. Measured data was available
for the 1000 and 4100 MHz oscillators with bipolar transistors, as well as the 2000 MHz
GaAs FET oscillator. The ceramic resonator-based oscillator shows a measured phase
noise of 125 dBc/Hz at 10 kHz, 145 dBc/Hz at 100 kHz, and 160 dBc/Hz or better at 1
MHz. The 4.1 GHz oscillator shows a phase noise above 89 dBc/Hz at 10 kHz, 113
dBc/Hz at 100 kHz, and 130 dBc/Hz at 1 MHz, which is in excellent agreement with the
prediction. The2 GHz GaAs FET oscillator at 100 kHz offset is 2 dB too pessimistic and
a 1 MHz 2 dB too optimistic. Because of the high flicker corner frequency of the GaAs
FET, this may be due to modeling problems.

Section 10 — contains conclusions and recommendations for future work. The
derivations in this work were based on oscillator circuits with simple parasitics. At
frequencies above 4000 MHz, the circuit analysis becomes more complicated as more
parasitics have to be identified. A good example of this is shown in Appendix C.



Another conclusion is that regular push/pull CMOS oscillators wheren=2or C,/C, =1
do not have the best phase noise [99-107]. This does not apply for a push/pull Colpitts
oscillator. It will be an interesting task to design an asymmetrical oscillator with a
symmetrical output. This work has concentrated on oscillators and the next important
task is to find design guides for voltage controlled oscillators. Recent publications have
shown a differentially tuned oscillator which is quite promising [114]. As an extension
of this work, an effort is currently being undertaken to design very wideband oscillators
based on the push/push principal. As a result of this work, a patent disclosure has been
submitted for an international patent covering the United States, Asia, and Europe [97-
107].

Section 11 — explains the various symbols and abbreviations. To follow the established
literature, some of the abbreviations can have more than one meaning.

Section 12 — shows a list of al relevant references used throughout this work.

Section 13 — contains Appendices A, B, and C. This section contains three oscillator
designs. The Appendices are very important because they apply all the new design rules
that have been established in this work. These circuits were also used for verification
pUrposes.

The first design, Appendix A, is based on large-signal S-parameters for optimum power.
The unique approach here also shows that an inductor, instead of a feedback capacitor
may be needed to make the design for a given transistor possible. This has not been
shown in the literature before.

The second design, Appendix B, is based on Bessel functions and on a large-signal
design for best output power. Consistent with Appendix A, a detailed numerical
approach is given to easily follow the step-by-step procedure. Again, the design is a
typical application for a high performance oscillator. In this case, the output power was
the priority and the phase noise was allowed to degrade.

The third design, Appendix C, combines al the technologies discussed in this work. It
starts with the specific requirements for output power and phase noise. It further assumes
areal transistor with its parasitics considered. It shows the schematic first, which is the
optimum choice for this application. The Bessel function approach is used to determine
the operating point and the bias point. The design calculation shows that the key
equation, Eq. (8-94) in Section 8, despite its ssimplification, gives an accurate answer for
the phase noise at 10 kHz. The result is consistent with the predicted phase noise and the
measured phase noise.



2 General Comments on Oscillators

An oscillator consists of an amplifier and a resonant element, as well as a feedback
circuit. In many casesthe intention isto build a selective amplifier, but an oscillator ends
up being built because of internal or external feedback either in the active device or as
part of the external circuit. An amplifier is an electrical circuit with a defined input and
output impedance which increases the level of the input signal to a predetermined value
at the output. The energy required for thisis taken from the DC power supply connected
to the amplifier. The amplifier impedances can vary from several ohms to several Meg
ohms, but for high frequency application, it is standard to build amplifiers with 50Wreal
input and output impedance. The active circuit responsible for the gain can be a bipolar
transistor, a field-effect transistor, or a combination of both, or a gain block like a
wideband amplifier offered by several companies. These are typically a combination of
Darlington stages with RF feedback. Wideband amplifiers can cover frequencies such as
afew hundred kHz to over ten thousand MHz. An oscillator built with an amplifier and a
tuned circuit is a device which transforms DC energy into RF energy. It does this a a
desired frequency at an acceptable efficiency. The efficiency of a low noise oscillator
varies depending upon frequencies and configurations between 10% and 70%. In most
cases, the efficiency is a secondary problem, while the primary task is to have a signal
frequency output which is stable, free of spurious signals (clean), low phase noise, and of
sufficient level [12].

The term “stability” refers to both short-term and long-term stability, and the oscillator
should be clean in the sense it does not pick up unwanted signals and noise in the circuit.
There are various noise sources which contribute to the oscillator noise. Some examples
are: the loss of the resonator, the noise sources inside the transistor, noise (hum)
modulated on the power supply, and noise contributions from the tuning diode(s).

This work will focus on phase noise optimization at a given and reasonable DC
efficiency. These type of oscillators, which can be voltage-controlled oscillators by
adding a tuning diode, are required to have a sinusoidal voltage output. Most systems
cannot tolerate high harmonics from the oscillator, as these will cause unwanted mixing
products.

Snusoidal Oscillators

All amplifier-based oscillators are inherently nonlinear. Although the nonlinearity results
in some distortion of the signal, linear analysis techniques can normally be used for the
initial analysis and design of oscillators. Figure 21 shows, in block diagram form, the
necessary components of an oscillator. It contains an amplifier with frequency-dependent
forward loop gain G(jw) and a frequency-dependent feedback network H(jw).

10



N \ Vo
Vin y Q
Output

H{jw)

Figure 2-1 Block diagram of an oscillator showing forward and feedback loop components.

The output voltage is given by

_ ViuGljw)
° 1+ G(jw)H (jw)

(2-1)

For an oscillator, the output V, is nonzero even if the input signa V;, = 0. This can only
be possible if the forward loop gain is infinite (which is not practical), or if the
denominator

1+G(jw)H(jw)=0 (2-2)

at some frequency w,. This leads to the well-known condition for oscillation (the Nyquist
criterion), where at some frequency w,

G(jw,)H (jw,)=-1 (2-3)
That is, the magnitude of the open-loop transfer function is equal to 1:

6w, H (jw,) =1 (2-4
and the phase shift is 180°:

ard[G(jw, H (jw,)] = 180° (2-5)
This can be more simply expressed as follows. If in a negative-feedback system, the
open-loop gain has a total phase shift of 180° at some frequency w,, the system will

oscillate at that frequency provided that the open-loop gain is unity. If the gain is less

than unity a the frequency where the phase shift is 180°, the system will be stable,
whereas if the gain is greater than unity, the system will be unstable.

11



This statement is not correct for some complicated systems, but it is correct for those
transfer functions normally encountered in oscillator design. The conditions for stability
are also known as the Barkhausen criterion, which states that if the closed-loop transfer
function is

Vo - m
VAR (2-6)
where mis the forward voltage gain and b is the feedback voltage gain, the system will
oscillate provided that mb = 1. Thisis equivalent to the Nyquist criterion, the difference
being that the transfer function is written for aloop with positive feedback. Both versions
state that the total phase shift around the loop must be 360° at the frequency of oscillation
and the magnitude of the open-loop gain must be unity at that frequency.

2.1 Phase Noise Effects

A noisy oscillator causes interference at adjacent channels, a phenomenon whichis called
blocking or reciprocal mixing. Figure 2-2 shows how phase noise affects the signal of an
ideal oscillator.

AI

AFD12

M- M =455 kHz

Amplitude

s00 500 400 300 200 400 0 +100

Offset from LO Carrier [kHz)]

Figure 2-2 Reciprocal mixing occurs when incoming signals mix energy from an oscillator's sidebands to
the IF. In this example, the oscillator is tuned so that its carrier, at A', heterodynes the desired signal, A, to
the 455 kHz as intended. At the same time, the undesired signals B, C and D mix with the oscillator
noise-sideband energy at B', C' and D', respectively, to the IF. Depending on the levels of the interfering
signals and the noise-sideband energy, the result may be a significant rise in the receiver noise floor.
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The spectral density, or phase noise, is measured in dBc (dB below the carrier) in a
bandwidth of 1 Hz at an offset frequency f,. The phase noise, therefore, is related to the
output power. The noise power and the curve shown in Figure 23 can have different
shapes based on the noise sources, as seen in Figure 2-8.

FIS
~

. P
L =10*log =2
(f) ogﬁ

P,,= Sideband noise in 1-Hz bandwidth
at offset frequency f,
Pg= Total signal power

Single-sideband phase noise is
expressed in dBc measured in
> a bandwidth of 1 Hz [dBc(Hz)]
| fn at offset frequency f,

Figure 2-3 Phase noise calculation.

A

veo Phase Noise is controlled by
reference phase noise within

\ PLL bandwidth and follows
VCO noise outside PLL bandwidth

i >
PLL
Bandwidth

Figure 2-4 Phase noise of an oscillator controlled by a phase-locked loop.

If the oscillator is configured to be aVVCO (voltage-controlled oscillator), the phase noise
inside the loop bandwidth (hopefully) improves. Outside the loop bandwidth, the phase
noise is determined solely by the resonator of the oscillator as seen in Figure 2-4.

Maximum condition, or the best phase noise number, is 10 * 109 (Poupu/KT) & room
temperature calculating from kT (-174 dBm/Hz) to the output power typically between O
dBm and 30 dBm. The tuned circuit is responsible for most of the filtering. This
phenomenon was first observed by Leeson in 1966 [70] and has been the basis of all
linear-based assumptions. Later, it will be shown that his approach, with some additional
terms, forms a useful but not always scientifically accurate, method of characterizing the
oscillator.

13



Again, if astrong signal isfed to the receiving system, it will mix with the noise bands of
the oscillator and produce a roise signal at one or more adjacent channels. This effect
desensitizes or blocks the channel or one or more adjacent channels. Reciprocal mixing
IS a descriptive term as it shows that the phase noise of the oscillator at a given space is
being mixed as an unwanted effect to the desired channel. Figures 2-5 and 2-6 show the
mechanism of reciprocal mixing for both an analog and a digital receiver. In the case of
the analog receiver, the phase noise of the oscillator and its spurious signals create
interfering signals, while in the case of the digital recelver a desensitization occurs [14].

Communication
Channel

Input filter - ’

of receiver

ﬁ \ Interfering signal

S . Example for
Wanted Signal purious Analog adjacent-channel measurement:
Wanted signal is modulated with 1 kHz
Intefering signal is modulated with 400 Hz
. . SINAD = reduced to 14 dB
Interfering signal = ideal Vo N =70dB
....... real noise’ Vin

(analog cross-modulation)

Figure 2-5 Principle of selectivity measurement for analog receivers.

/\\ e ACP suppression:
Requirement
Communications 13 dB q
Ch ! B NADC
annel / \
y / 30kHz from carrier <-26 dBc
\‘ - - 60kHz " <45 dBc
90kHz " <-49 dBc
Input filter
of receiver
, . PDC
A - Interfering signal T 50kHz from carrier  <-45 dBc
in first adjacent channel 100kHz " <-60 dBc

Desired Signal

Figure 2-6 Principle of selectivity measurement for digital receivers.
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2.2  Specifications of Oscillatorsand VCOs

The properties of an oscillator can be described in aset of parameters. Thefollowingisa
list of the important and relevant parameters as they need to be discussed with oscillators.

Frequency Range

The output frequency of a VCO can vary over a wide range. The frequency range is
determined by the architecture of the oscillator. A standard VCO has a frequency range
typically less than 2:1, as an example, 925-1650 MHz.

Phase Noise

Unfortunately, oscillators do rot generate perfect signals. The various noise sourcesin
and outside of the transistor modulate the VCO, resulting in energy or spectra
distribution on both sides of the carrier. This occurs via modulation and frequency
conversion. The noise, or better, AM and FM noise is expressed as the ratio of output
power divided by the noise power relative to 1 Hz bandwidth measured at an offset of the
carrier. Figure 2-7 shows atypical measured phase noise plot of ahigh Q oscillator using
a ceramic resonator.

L F> dBc. Hzr
o
=10
—-20
-3y
-40 i | : 1
-s0 & anl
—-&0 : i
-70
B0 -
-30 =
—100 '
110 i
-120 [

-130 e S

&

= L4 -

—150 “-u,d-.,w.

-160 ﬂ%*

e ] ! g
L7? E —T “‘I*

10KHz A DOKHE 1 MM 1LOMH=z

Figure 2-7 Measured phase noise of an 880-MHz resonator-based oscillator with a small tuning range.

The stability or phase noise of an oscillator can be determined in the time and frequency
domain. Phase noise is a short-term phenomenon and has various components. Figure 2-
8a shows the stability in the time domain. For an oscillator or VCO, this is rarely

15




relevant because the oscillator isused in a PLL system. The phase noise characteristics

are more important and Figure 2-8b shows the various contributions. These contributions
will be analyzed in the next section.

- Frequency noise, Aging
= fluctuations |
= |
<]
i
] 1 I | RN )
1s 1 minir 1h Sample time 7
Short-term ! Long-term
stabiliity | stability
{a}

f~* random walk FIM

-3 flicker FM

f~? random walk phase {white FM)

Ag? (f,)

-1 flicker phase
f—° white phase

S
Fourier frequency e
{sideband frequency)
{offset frequency)
{modulation frequency)

{b)

Figure 28 Characterization of a noise sideband in the time and frequency domain and its contributions:
(a) time domain and (b) frequency domain. Note that two different effects are considered, such as aging
in (&) and phase noise in (b).
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Output Power

The output power is measured at the designated output port of the frequency synthesizer.
Practical designs require one or more isolation stages between the oscillator and the
output. The VCO output power can vary as much as =2 dB over the tuning range. A
typical output level is 0 to +10 dBm.

Harmonic Suppression
The oscillator/VCO has a typical harmonic suppression of better than 15 dB. For high

performance applications, a low pass filter at the output will reduce the harmonic
contents to adesired level. Figure 2-9 shows atypica output power plot of aVCO.

20.00

10.00

0.00

dBm(PO2)

-10.00

-20.00

S0004 )} @000} |
0.00 1.00 2.00 3.00 4.00

Spectrum [GHz]

Figure 2-9 Predicted harmonics at the output of a microwave oscillator.
Output Power as a Function of Temperature
All active circuits vary in performance as a function of temperature. The output power of

an oscillator over a temperature range should vary less than a specified value, such as
1dB.

17



Spurious Response

Spurious outputs are signals found around the carrier of an oscillator which are not
harmonically related. A good, clean oscillator needs to have a spurious-free range of
90 dB, but these requirements make it expensive. Oscillators typically have no spurious
frequencies besides possibly 60 Hz and 120 Hz pick-up. The digital electronics in a
synthesizer generates a lot of signals, and when modulated on the VCO, are responsible
for these unwanted output products.

Frequency Pushing

Frequency pushing characterizes the degree to which an oscillator’ s frequency is affected
by its supply voltage. For example, a sudden current surge caused by activating a
transcelver's RF power amplifier may produce a spike on the VCOs DC power supply
and a consequent frequency jump. Frequency pushing is specified in frequency/voltage
form and is tested by varying the VCOs DC supply voltage (typically = 1V) with its
tuning voltage held constant. Frequency pushing must be minimized, especially in cases
where power stages are close to the VCO unit and short pulses may affect the output
frequency. Poor isolation can make phase locking impossible.

Sensitivity to Load Changes

To keep manufacturing costs down, many wireless applications use aVV CO aone, without
the buffering action of a high reverse-isolation amplifier stage. In such applications,
frequency pulling, the change of frequency resulting from partialy reactive loads, is an
important oscillator characteristic. Pulling is commonly specified in terms of the
frequency shift that occurs when the oscillator is connected to aload that exhibits a non-
unity VSWR (such as 1.75, usualy referenced to 50W), compared to the frequency that
results with unity-VSWR load (usually 50W).

Post-tuning Drift
After a voltage step is applied to the tuning diode input, the oscillator frequency may

continue to change until it settles to a final value. The post-tuning drift is one of the
parameters that limits the bandwidth of the VCO input and the tuning speed.
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Tuning Characteristic

This specification shows the relationship, depicted as a graph, between the VCO
operating frequency and the tuning voltage applied. Ideally, the correspondence between
operating frequency and tuning voltage is linear.

Tuning Linearity

For stable synthesizers, alinear deviation of frequency versus tuning voltage is desirable.
It is also important to make sure that there are no breaks in tuning range, for example,
that the oscillator does not stop operating with atuning voltage of OV.

Tuning Sensitivity, Tuning Performance

This datum, typically expressed in megahertz per volt (MHz/V), characterizes how much
the frequency of aVVCO changes per unit of tuning voltage change.

Tuning Speed

This characteristic is defined as the time necessary for the VCO to reach 90% of itsfina
frequency upon the application of a tuning voltage step. Tuning speed depends on the
internal components between the input pin and the tuning diode, including, among other
things, the capacitance present at the input port. The input port’s parasitic elements, as
well as the tuning diode, determine the VCOs maximum possible modulation bandwidth.

Power Consumption

This characteristic conveys the DC power, usually specified in milliwatts and sometimes
qgualified by operating voltage, required by the oscillator to function properly.

2.3 History of Microwave Oscillators

Early microwave oscillators were built around electron tubes and great efforts were made
to obtain gain and power at high frequencies. Starting from smple glass triodes
(lighthouse tubes) and coaxial ceramic triodes, a large number of circuits designed to
obtain reasonable performance were built. After using the Lecher lines (quarter-wave
length U-shaped parallel wires, shorted at the end, with a few centimeters spacing), the
next step was the use of coaxia systems, which became mechanically very difficult and
expensive. At higher frequencies, cavities dominated the application and a lot of
publications dealt with the various resonant modes. For special applications such as
microwave ovens and radar applications, magnetrons and reflex klystrons were
devel oped.
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Today, the good understanding of the planar structures, such as microstrip, stripline, and
coplanar waveguide have been instrumental in extending the practical frequency range up
to 100 GHz and higher.

Early transistors followed the same trend. Siemens at one time produced a coaxial
microwave transistor, Model TV44 and Motorola offered similar devices. Today,
microwave transistors, when packaged, are also in microstrip form or are sold as bare die,
which can be connected via bond wires to the circuit. These bond wires exhibit parasitic
effects and can be utilized as part of the actual circuit. The highest form of integration is
RFICs, either in gallium arsenide (GaAs) or in silicon germanium (SiGe) technology.

The SiGe circuits are typically more broadband because of lower impedances and GaAs
FETs are fairly high impedance at the input. From an application point of view, in
oscillators, SiGe seems to be winning. From a practical design, both transistor types can
be considered a black box with a set of S parameters, which are bias and frequency
dependent.

We will see that the transistor operates in large-signal condition, and historically, people
have used FETs to demonstrate that there is little change in parameters from small to
large-signal operation. Bipolar transistors have much more pronounced changes.

Early pioneers have invented a variety of oscillator circuits which are named after them.
The following picture, Figure 2-10, shows a set of schematics, applicable for both bipolar
and field-effect transistors. The ones using magnetic coupling are not useful for
microwave applications.
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Figure 2-10 Six different configurations which can be built either around bipolar transistors or FETS.
Some of the modern microwave oscillators are built around the Colpitts and Clapp oscillator circuits [15].

The Colpitts and Clapp oscillator configurations show an air variable capacitor as a
tuning element. As the technology progressed, they were replaced by tuning diodes.
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2.4 Three Typesof Microwave Oscillators

The oscillator types shown in the previous section where shown for historical reasons.
As mentioned, the Colpitts oscillator and its cousin, the Clapp oscillator, have found their
way into modern microwave applications. The basic concept is that the capacitive
feedback arrangement generates a negative resistance across the tuned circuit which
compensates the losses of the tuned circuit.

These types o oscillators are called one-port oscillators because the transistor and the
feedback circuit can be substituted with a negative resistance. For stable operation, the
feedback capacitance values have to be carefully selected, as will be shown in the next
section. As the gain varies with frequency, it limits the tuning range, which also affects
the phase noise and the output power. Figure 211 shows the Colpitts-type oscillator.
Tuning this circuit will ater these conditions for optimal phase noise and requires
additional tunable elements to achieve optimal performance.

VOLTAGE CONTROLLED OSCILLATOR

270 LI
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2
i
blas o
Vil¥ —

I s
30k

Figure 2211 Schematic of a voltage-controlled Colpitts-type oscillator. The Colpitts circuit is recognized
by the capacitive feedback network comprised of the capacitors connected between base and emitter and
emitter to ground. This will be further explained in the appropriate section.

A second type of oscillator is the two-port oscillator. The transistor is used as a two-
termina device, with the third terminal at ground and its tuned circuit as a feedback
element determines the frequency as shown in Figure 2-12.
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As the transistor, or black box in question, has a frequency dependent Y2, (or ), one
needs an additional element to compensate the phase shift generated inside the black box.
These types of oscillators, therefore, have a gain block, a phase shift/matching circuit,
and a resonator. In this configuration, the resonators are typically used in a P
configuration and in series resonant mode. A typical candidate for this is a SAW

resonator (Surface Acoustical Wave). This is shown in Figure 212. The resonator is
used in series resonant mode.

Low MNoise SHU Decillator at 522.@“HFZ

]uning-hle tuwork

Sow DEulCE

S g G

gEL
L 71

Figure 2-12 Circuit diagram of a 2-port SAW oscillator.

|||—|

The third type of oscillator, which is typicaly used for microwave frequencies greater
than 4 GHz, is shown in Figure 213. The base of the device (3-port, 3-terminal device)
Is floating above ground via a base (or gate) inductor. The feedback occurs due to the
inductor and the capacitive portion of Yz, (or S,). Thiscircuit type was first explained by
[2]. Thistype of feedback generates a negative input and output resistance for the circuit,
which as an example, can match the 50Wload [16, 17].
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Figure 2-13 Circuit diagram of a 4 GHz oscillator using series feedback with the Infineon transistor
BFP520.

Three-Reactance Oscillators Using Y-Parameters, An Introduction

Although the block-diagram formulation of the stability criteria shown earlier is the
easiest to express mathematically, it is frequently not the easiest to apply sinceit is often
difficult to identify the forward loop gain G(jw) and the feedback ratio H(jw) in
electronic systems. A direct analysis of the circuit equations is frequently ssmpler than the
block diagram interpretation (particularly for single-stage amplifiers). Figure 2-14 shows
ageneraized circuit for an electronic amplifier. This approach here uses Y- parameters.
In the next section, a complete, complex analysis with Y and S parameters will follow.
First, the concept of oscillator analysis will be introduced.
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Figure 2-14 General topology of the Colpitts oscillator.

Figure 2-14 shows a smplified Colpitts oscillator, which is derived from Figure 2-11. It
has a capacitive feedback network, C; and C,, and a tuned circuit, which is built from the
inductor L and the capacitor C and coupled to the transistor circuit via a coupling
capacitor Cc. Figure 2-14 can be redrawn by putting the tuned circuit with its coupling
capacitor between base and collector. The feedback capacitor C; now isin paralel to the
base emitter junction, and the feedback capacitor C, isin parale to the collector emitter
connection. We also assume a load resistor marked R_ in parallel with C,. Thisisshown
in Figure 2-15.

Figure 2-15 Modified Colpitts oscillator.
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For the purpose of having a genera arrangement, we are now introducing the admittance
Y1, Yo, and Y. For this early introduction, we also assume that the transistor is idedl,
meaning that we are assuming that Yy, = 0, and in Im(Y1, Y2) = 0. Later we will
reformulate without this assumption.

L
Ve

Figure 2-16 Equivalent circuit of the feedback oscillator.

Figure 2-16 shows the feedback circuit with three parallel admittances. Y, can either be a
reactance or a more complex circuit uch as a resonance circuit with a capacitance in

series. In the case of a crystal oscillator, Y, is a series resonant circuit with a parallel

capacitor, which comes from the crystal holder. The voltages Vi, V., and V3 are measured
relative to ground. The circuit is assumed floating.

It can be shown that:

é(Y1+Y3+Yi) - Y3 qé\/ll;lzo (2_7)
g' (Ys - Y21) (Yz +Y3)@/ZH

In thisequation Y; = Yy; and Yy, are the Y-parameters of the transistor.

In order for this circuit to oscillate, it must satisfy the matrix condition [Y][V] = 0 for a

non-zero value of [V] (output power). Assuming the feedback circuit has lossless

components, then

(Yz +Y3)(Y1 +Y3 +Yi ) - Ys(Ys - Y21) =0 (2_8)
Y.Y, +Y. Y, +Y, Y, +Y,Y, +Y, Y, +Y,Y,, =0
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If the feedback network has ideal reactive components and Y;; = real, then

Y, =G,,Y, = |B,Y, = ]B,,Y; = B,

and the equation above is further smplified to:

- Ble - BIBS - Bng + jBZGi + jBaGi + jB3Y21 =0
- (BB, +B,B; + B,B,) + j(B,G, +B,G, +B,Y,;) =0

(2-9)

(2-10)

From the equation above, the real and imaginary part will need to be zero separately to satisfy

det[Y]=0.

1 1 1

BB,+B,B,+BB,=0p —+—+-—=0

B B, B

5
YyB; +GB; +G B, =0P i+ +hii:
B G 5B,

3

If we convert susceptance to reactance, and let

NSV SV S
Bl BZ B3

Y., O
X+ X, +X5=0P X3+g+£ix2 -0
G .
i g
G, X, Y,
Feedback conditions; C, :ﬁ
Cl Yll

(2-11)

(2-12)

(2-13)

(2-14)

(2-15)

If Y5, and G; are positive (smplified transistor model), it isimplied that X; and X, have the
same sign, and therefore, either capacitors or inductors. X;+ Xp+ X3=0, implies that X3
must be opposite in sign from X; and X,, and therefore, the opposite type of component.
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X, + X, +X, b —— 4+ L

1 2

- wL, =0® Colpittsoscillator

(2-16)
1e:l
w=_[— —+——angu|ar frequency, resonant condition
L, &C, > 0
For complex value of Y3 (Lossy Inductor):
. 1
Y;=G; + B, P Y, =—
3
Z,=R+ jul,
2 2 SR i =0 17)
wC, jwC, jwC,
\/ 1@l 1 GRO
W= [+ P w=
l—3 Cl Cz Cl 1]
where
cl=_% and (2-18)
1+G,R
R 88(1+Y621)9 L
- =¢C 5 i ~_ —-3 (2-19)
G, ¢w?C,C,* C,
& o
For steady oscillation the following condition has to be satisfied:
)
Rox <G é—H——- =0 (2-20)
ew’c,C, C.a
& t
Since f Is the frequency dependent current gain b:
€@l+b) L,u0
R .<|real Y i 2-21
Loss 11W C Hé‘ ( )

A similar approach is found in [15].
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3 Transistor Models
I ntroduction

For the design of oscillators we are looking a members of bipolar and field-effect
transistor families. In the case of the bipolar transistor, conventional microwave silicon
transistors are manufactured with an fr up to 25 GHz, while the more advanced SiGe
transistors take over from this frequency range. Today, SiGe transistors are available up
to 100 GHz if used as part of an RFIC. Ther cousins, the heterojunction bipolar
transistors (HBTS), based on GaAs technology, can achieve similar cut-off frequencies,
but this technology is much more expensive for medium to large integrated circuits.
HBTs also have a higher flicker noise corner frequency. SiGe transistors have a much
lower flicker noise corner frequency and lower breakdown voltages (typicaly 2-3V).
However, because of the losses of the transmission line in practical circuits, there is not
much difference between HBT and SiGe oscillator noise as fr is the same.

There is a smilar competing situation between Bi-CMOS transistors implemented in a
0.12 micron technology and with GaAs FETSs, specifically pHEMTs. The GaAs FETs
have well-established performance with good models, and the Bi-CMOS transistors are
currently being investigated as to what models are the best. Also, there is the 1/f noise
problem, specifically, with GaAs FETs more than with MOS transistors. The 0.12mm
technology is somewhat impractical because of poor modeling. This means that most
CAD predictions do not trandate in a good design.

For the purpose of this discussion, it should be assumed that the designer has the ability
to do their own parameter extraction to obtain an accurate model, or receive this data
from the transistor manufacturer, or as part of the foundry service.

While the bipolar transistor models tend to be more physics-based, the FET models are
mostly based on analytic equations, which are generated using curve-fitting techniques.

There are two types of models:

1) The models which describe DC and RF behavior are SPICE-type models, which
means they can be incorporated in a frequency/time domain ssimulator and give
reasonable agreement with measured data, both in the DC and RF areas.

2) Linear RF microwave models based on equivalent circuits.

In the bipolar modeling world, the Ebers-Moll equations have been used to generate the
Gummel-Poon model (transport model) and its various subtle, modified (sometimes)
proprietary implementations. Only in SPICE, particularly in Berkley-SPICE and H-
SPICE, do we find these models to which the industry has agreed upon [18, 19]. Two
other important and popular SPICE programs are P-SPICE and RF Spectre from
CADENCE Design Systems [20, 21]. As an extension to this modeling effort, the
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University of Delft/Philips has introduced a complex model consisting of a NPN and a
complimentary PNP transistor for better RF modeling [22-24]. This model claims better
simulation results for intermodulation distortion products under large-signal conditions.
For the purpose of noise calculation of oscillators, one needs to know that the modulation
indices are so small and the resulting noise currents and voltages are so small compared
to the RF currents/voltages. The standard models, which are continuous and the third
derivative to voltage and current exists, are sufficient.

For members of the FET family, the development of models was based on junction-FETs
and MOS-transistors as implemented in early forms of SPICE. JunctionFETs are
available only up to 1000 MHz and have lost importance in the RF and microwave area.

The first models for GaAs transistors were the Curtice-Ettenberg models, particularly the
guadratic and cubic models. They were developed from the MOS model by adding a
diode at the gate and removing the MOS capacitor at the input. Today, thereisalong list
of GaAs models where the individual researchers believe their model has big advantages.

These models are used to describe the behavior of the transistors over a wide frequency,
temperature and biasrange. Their accuracy varies by model. The most important factors
are the input parameters. They are obtained from a process called parameter extraction.
Having used CAD tools for a long time, it appears that a mgority of discrepancies
between measured and modeled results can be explained by alack of accuracy stemming
from parameter extraction. There is very little software available for reliable parameter
extraction. Many companies have written their own software and assembled the
necessary test equipment to obtain those parameters. The most popular software tools are
from Silvaco and Agilent.

A successful path for generating model parameters has been the extraction of DC and RF
parameters using DC |-V data and S-parameter data sets under various bias and frequency
conditions. The model equations are curve fit to the data. To more accurately extract
parameters that affect the noise characteristics of the model, it has aso been proposed to
Include noise data as part of the parameter extraction procedure [25, 26].

When experimenting with these parameter extraction programs, it will be noticed that
under certain conditions, input parameters for the nonlinear models are generated, which
no longer have any practical meaning. This means that they are not redlizable in the
manufacturing process, but in a given frequency range, may give the right S-parameters.
The inclusion of noise parameters cures this problem to alarge extent [27, 28].

The following shows the information obtained for bipolar transistors and their modeling.
The synthesis approach is applicable to al three terminal devices, which includes not
only bipolar transistors, but al FETs such as JFETs, GaAs FETs, and MOSFET
transistors.
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Bipolar Transistors

The bipolar transistor has been known and used for many decades. Many scientists have
explained its behavior, and probably the best analysis in the DC/RF area is summarized
in[29]. Thissummary is based largely on the Infineon transistor BFP520 as an example,
but is applicable to other transistors also.

Lo

___________'__________'__‘ ______ Subetreta -1
(LPNF e Rel o Cee|

Figure 3-1 Shows an equivalent circuit for a microwave bipolar transistor. It deviates from the SPICE
implementation by having two base-spreading resistors.

The first thing we need to do is look at the model used to calculate the DC and RF
performance of a microwave transistor. There are subtle differences between the
standard SPICE implementation and the one suited for higher frequencies. Figure 31
shows a modification that was necessary for greater accuracy by introducing an
additional base-spreading resistor, Ry,.

Obtaining the input parameters is a major issue. For the purpose of this work, the
Infineon transistor, model BFP520, was chosen. It is well documented and has a high
enough operating frequency. Figures 3-2 to 3-5 and Table 3-1 reproduce the
manufacturers data.
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BFP520
NPN Silicon RF Transistor

- For highest gain low noise amplifier at 1.8 GHz and 2 mA/2V
Outstanding G,,s= 23 dB

Noise Figure F = 0.95 dB
For oscillators up to 15 GHz

Transition frequency fr = 45 GHz

Gold metalization for high reliability

SIEGET® 45-Line
45 GHZ f; — Line

Figure 3-2 shows measured data provided from Infineon to further characterize the transistor.

SPICE Parameters (Gummel-Poon Model, Berkley-SPICE 2G.6 Syntax) :
Transistor Chip Data

IS =
VAF =
NE =
VAR =
NC =
RBM =
CJE =
TF =
ITF =
wiC =
TR=
s =
XTl =

15 ah BF = 235
25 W IKF = 0.4

2 - BR = 15

2 v IKR = 0.01
2 - RBE = 11
7.5 Q RE = 0.8
235 fF VIE = 0.858
1.7 ps XTF = 10
0.7 A PTF = 50
0.661 v MJC= 0238
50 ns Cls= 0
0.333 - XTB = -0.25
0.035 - FC= 0.5

Figure 3-2

Package Equivalent Circuit:

=

NF = 1
IZBE = 25
NR = 1
I1SC = 20
IRB = -

RC = 78
MJE = 0.335
VTF = 5
CJC = o3
XCJc= 1
VIS = 0.75
EG = 1.11
THOM 288
lgy= 047
lgo= 053
lg = 023
lgn = 0.05
ley= 056
leco= 058
Cae= 136
Cop= 69
Coe= 134

WValid up to 6GHz

A

A

ta]

3 o=

ey

nH
nH
nH
nH
nH
nH

SPICE parameters and package equivalent circuit of the Infineon transistor BFP520.
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These parameters are fit to the Berkley-SPICE 2G.6 syntax. In case of the base-
spreading resistor, it is recommend that it be separated into two equal terms to fit the
improved model shown above. Likewise, the feedback capacitor should also be split into
two terms. The equivaent circuit of the package is valid up to 6 GHz and assumes that
the two emitter leads are tied together.

Transition frequency fr = f (/)
f=2GHz
Ve = parameter in V

52

GHz | | |
| _ —
u | //;"___H |
T, N
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) N\
28

l 24 \‘
20 ! \ 0.75

4 = 0.5
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- o

Figure 3-3 Transition frequency as a function of voltage and current.
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Noise figure F = f(Ic) Source impedance for min.

Ve =2V, Zg = Zgopt noise figure vs. Frequency
VCEz_EVI IC=2mﬁn’5mA
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4j5':|'
dB .
425 . 100
- 1L +H10, : ¢ 0Hz T
A0Hz 1.85H:
w //: \\ S
sGHz - "
22 . T J ;
i 10 25 50 ; 100 0 48GH:
, “f=6 GHz p J'I
=5 GHz
AR T P —+— f=4 GHz e
1\/ .1=3GHz . i
=24 GHz 410
. 1=1.8 GHz ‘
o5 -1=0.9GHz — - ;
428 -j100
_j5[|
0.0 i
0 5 10 15 20 28 a0 mA 40

Figure 3-4 Noise figure and source impedance for best noise figure as a function of current and
frequency of the Infineon transistor BFP520.



Infineon

tnchnelegiss

SIEGET®45 BFP520

Electrical Characteristics at T, = 25°C, unless otherwise specified.

Paramater Symbol Values Unit
min. | typ. | max.

AC characteristics (verfied by random sampling

Transition frequency . o fr - 45 - | GHz

I,: = 30 mA, VCE=2UJ=QGHZ

Collector-base capacitance Cep 0.06 pF

VGB =2V, f=1MHz

Collector-amitier capacitance Cea 3 0.3 =

Vep =2V, f=1MHz

Emitter-base capacitance Caby = 0.35

Vep =05V, f=1MHz

Moise figure F - 0.95 - |dB

’E =2I'I'I.|“|.. VC-'E =2"|"..zs=23np[..

f=1.8GHz

Power gain, maximum stable 1} G < 23 -

Ig =20 mA, Vo =2V, Z5 = Zgogt 4 = Ziopt

f=1.8GHz

Insertion power gain [Sz4/2 - 2 - |dB

.rc=2ﬁ|'ﬂ.lﬁ-, VCE=2U,I=1.EGHZ,

dz=4 =500

Third order intercept point at output Py dBm

'h'rg_':E =37 1|||r, f=1.48 GHZ, zg=250m. EL='a_l:|pt ”

I = 20 mA T 26 -

o =7 mA 3 17 =

1dB compression point P.4dm

'I.l'r(_';E =2V, f=1.8 GHz, ZS='ZSG|:|‘I.- 2|_=z|_npt N

Ie = 20 mA - 12 -

Iz =7 mA % 5 =

G = [821/ 842l

Figure 3-5 Some technical data of the Infineon transistor BFP520.
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Table 3-1

Common Emitter S-Parameters

f S14 S21 Sy S22
GHz |MAG | ANG MAG | ANG MAG | ANG MAG | ANG
Ve =2V, /o =20 mA
0.01 07244 -0.7 32.273 178.6 | 0.0007 §9.4 | 0.9052 1.2
0.1 0.7251 8.4 31.637 171.4|  0.0041 92.8 | 0.9363 4.4
0.5 0.6368 | -40.7 | 27.293 140.7 | 0.0194 759 | 08523| 267
1 04768 | -73.6 19.601 113.5| 0.0351 66.5| 0.6496| -46.1
2 0.2816| -123.8 | 11.021 849 | 00057 56.3 | 0.3818| -64.6
3 0.2251| -166.1 | 7.481 67.6 | 0.0788 492 | 02407 | -73.6
4 0.2552 | 156.2 5.636 53.1 | 0.0994 415| 0.1544| -95.3
5 0.3207| 133.6 4.488 397 | 01177 329| 00951| -1289
6 0.3675| 118.7 3.683 275 | 0.1343 247 | 00545 1776

The Infineon data set also contains noise parameters and S-parameters (see Table 1),
however, these are less relevant because the large-signal conditions will modulate the
intrinsic nonlinear capacitances and other elements so a large-signal noise model is
needed. The following equivalent circuit in Figure 3-6 can be used to calculate the noise
performance. Noise is mostly assumed to be derived in a linear mode, specificaly, the
flicker corner frequency under a large-signa condition will change significantly [30].
Information about SiGe transistors with much higher operating frequencies is well shown

in [89-98].
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MNoise Model

Let Afbe the bandwidth (usually normalized to a 1Hz bandwidth). The noise generators
introduced in the intrinsic device are shown below, and have mean-square values of!

I."I.F

(i) = 2q1, &7 + KF—ier f
(i%)=2al. &
() = ;’C_T Af Collector
b
.;:;i‘]} = % Af Red Inea
[
" HT | .
(:i;r.-z} = Af Ch
RC2 o doe Kb Ko
I, Rbb o ;
= Hh}" + I, Baisa ? k:.'(:‘D G)!cr icn
4 . sy 1
5 I Chei e e ibon
= I.—; et Tt w

Rel EIL‘waI

Ernitter

Figure 3-6 Noise model of the bipolar transistor (not showing extrinsic parasitics). Current sources with
“n” are noise sources.
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4 LargeSignal S-Parameters

The description of linear, active or passive two-ports, can be explained in various forms.
In the early days Z-parameters were commonly used which then were replaced by the Y-
parameters. Z-parameters are assumed open-ended measurements and Y-parameters are
short circuit measurements relative to the output or input depending on the parameter. In
reality, however, the open circuit condition does not work at high frequencies because it
becomes capacitive and results in erroneous measurements. The short-circuit
measurements also suffer from non-ideal conditions as most “shorts’ become inductive.
Most RF and microwave circuits, because of the availability of 50W coaxial cables, are
now using 50W impedances. Component manufacturers are able to produce 50W
termination resistors which maintain their 50W real impedance up to tens of GHz (40
GHz). The 50W system has become a defacto standard. While the Z- and Y-parameter
measurements were based on voltage and currents at the input and output, the S
parameters refer to forward and reflected power.

4.1 Definition

For low freguency applications, one can safely assume that the connecting cable from the
source to the device under test or the device under test to the load plays no significant
role. The wavelength of the signa at the input and output is very large compared to the
physical length of the cable. At hgher frequencies, such as microwave frequencies, this
is no longer true. Therefore, a measuring principle was founded which would look at the
incoming and the outgoing power at the input and output. The following is a
mathematical explanation of the S-parameters. This follows the definitions of [14] as
outlined by Hewlett-Packard.

bl = Sllal + SlZaZ (4'1)

bz = SZlai + Szzaz (4'2)
or, in matrix form,

ébu_éS, S,lau

<~ 17— % Tx L (4_3)

O ZH %6321 Szzu'euéazﬂ

where, referring to Figure 2-78:

a, = (incoming power at Port 1)”
b, = (outgoing power at Port 1)*
a, = (incoming power at Port 2)”
b, = (outgoing power at Port 2)*
E,, E; = electrical stimuli at Port 1, Port 2
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Figure 4-1 Two-port S-parameter definition.

From Figure 4-1 and defining linear equations, For E; = 0O, then a, = 0, and (skipping

through numerous rigorous steps):

b
5,= >
&

_ €é0utgoing Input Power u}é
B gl ncoming Input Powerg

_ Reflected Voltage

" Incident Voltage

= Input Reflection Coefficient

o

2

a

_ €0utgoing Output PowerL)}é

S Incoming Input Power H

S21

€  Output Power V&
€

s

gAvailablelnput Power "J

= [Foward Transducer Gain/2
or, more precisaly in the case of Sy
Forward Transducer Gain=G;;. =|S,,|’
=1,

Similarly at Port 2 for E;=0, then a;=0, and

S,, = b _ Output Reflection Coefficient
a

2

(4-4)

(4-5)

(4-6)

(4-7)

(48)
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S, = b . [Reverse Transducer Gai n]% (4-9)

a,

G =[S’ (4-10)

Since many measurement systems display S-parameter magnitudes in decibels, the
following relationships are particularly useful [54-57]:

|Su|gs =10l0g Sll|2

(4-11)
= 20l0g|S,,|

S, =20l0gS,,| (4-12)
1Sa1l o :10|09|321|2
= 20l0gS,| (4-13)
:10|09|GTF| = |GTF|dB
1St s :10|09|512|2
= 20l0gS,| (4-14)
=1010gGrg| = |Grely

4.1 LargeSignal S-Parameter M easurements

Assume S;; and Sy are functions only of incident power at port 1 and Sy, and S;, are functions
only of incident power at port 2. Note: the plus (+) sign indicates the forward wave (voltage)
and the minus (-) sign would be the reflected wave (voltage).

se=su(V7])  se=sulv

S,=Su(M])  sp=sulv

The relationship between the travelling waves now becomes

) (4-15)

) (4-16)

V1- = Sn (\/1+ )\/1+ + S12 (Vz+ )Vz+ (4'17)

Vz- =9 (\/1+ )Vl+ + Szz (Vz+ )Vz+ (4'18)
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Measurement is possibleif V;" is set to zero,

S, =t (4-19)

2

Check the assumption by simultaneous application of V;" and V,"

&V, u_ S \VARVA )u
2 ua-= é (4'20)
g‘/z a er(Vl ’Vz )U
If harmonics are neglected, a general decomposition is
&y (v )3_ AN A A AN A LA (4-21)
AN VARAST - (VARYAS IR -WARVAS - VAR

As mentioned before, these measurements are initially done under small-signal
conditions with the RF power increasing up to O dBm or larger as needed. Small-signal
conditions mean power levels of the vicinity of —40 dBm. The network anayzers which
are used to measure these S-parameters have bias tees built-in and have 90 dB dynamic
range. For the measurement of S-parameters of transistors, a much smaller dynamic
range is sufficient.

If the output signal from the signal generator is increased in power, it essentially has no
impact on passive devices until a level of several hundred watts is reached where
intermodulation distortion products can be created due to dissmilar alloys. However,
active devices, depending on the DC bias point, can only tolerate relatively low RF levels
to remain in the linear region.

-

‘.__.—-"
’ . 3
—t 3
i o J

e

Figure 4-2 Test fixture to measure large signal Figure 4-3 Rohde & Schwarz 3 GHz network analyzer
S-parameters. A proper de-embedding has to measure the large-signal S-parameters at different
been done [27]. drive levels.
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In the case of the oscillator, there is a large RF signal, voltage and current, imposed on
the DC voltage/current. Assuming an RF output power from O dBm to 10 dBm, and
assuming 10-15 dB gain in the transistor, the RF power level driving the emitter/source
or base/gate terminal is somewhere in the vicinity of —15 dBm.

An RF drive of —15 dBm will change the input and output impedance of the transistor,
even if the transistor operates at fairly large DC currents.

It is important to note that the input and output impedances of field-effect transistors are
much less RF voltage-dependent or power-dependent than the bipolar transistor. The
generation of “large signal S-parameters’ for bipolar transistors is, therefore, much more
important than for FETs.

Figure 4-2 shows the test fixture which was used to measure the large-signa S
parameters for the device under test (DUT). The test fixture was calibrated to provide
50Wto the transistor leads. The test set-up shown in Figure 4-3 consists of a DC power
supply and a network analyzer for combined S-parameter measurements. The R&SZVR
network analyzer, as shown in Figure 4-3, was chosen because its output can be changed
from +10 dBm to —60 dBm. This feature is necessary to perform these measurements.
The picture shows that the actual test system is very ssimple, but unfortunately, very
expensive.

Currents and voltages follow Kirchof’'s law in alinear system. A linear system implies
that there is a linear relationship between currents and voltages. All transistors, when
driven at larger levels, show nonlinear characteristics. The FET shows a square law
characteristic, while the bipolar transistor has an exponentia transfer characteristic. The
definition of Sparameters in large-signal environment is ambiguous compared to small-
signa S-parameters. When driving an active device with an increasingly higher level, the
output current consists of a DC current and RF currents, the fundamental frequency and
its harmonics. When increasing the drive level, the harmonic contents rapidly increases.
S, mostly defined by the feedback capacitance, now reflects harmonics back to the
input.  If these measurements are done in a 50W system, which has no reactive
components, then we have an ideal system for termination. In practical applications,
however, the output is a tuned circuit or matching network which is frequency selective.
Depending on the type of circuit, it typically presents either a short circuit a an open
circuit for the harmonic. For example, say the matching network has a resonant condition
a the fundamental and second harmonic frequency or a the fundamental and third
harmonic freuguency (quarterwave resonator). Then a high voltage occurs at the third
harmonic, which affects the input impedance, and therefore, S;; (Miller effect).

This indicates that Sparameters measured under large-signal conditions in an ideal 50W
system may not correctly predict device behavior when used in a non-50W environment.
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A method called load pulling, which includes fundamental harmonics, has been
developed to deal with thisissue [58-62].

In the case of an oscillator, however, there is only one high Q resonator which suppresses
the harmonics of the fundamental frequency (short circuit). In this limited case, the S
parameters, stemming from a 50W system, are useful. The following tables show two
sets of measurements generated from the Infineon transistor BFP520 under different
drive levels.

Since the oscillator will be in quasi-large-signal operation, we will need the large-signa
Sparameters as a starting condition for the large-signal design (output power, harmonics,
and others). The Sparameters generated from this will be converted into Y-parameters,
defined under large-signal conditions and then used for calculating the large-signal
behavior. We will use the symbol Y* to designate large-signal Y-parameters. Tables 4-1
and 4-2 show the large-signa Sparameters for —20 dBm and —10 dBm. However, in
some cases the analysis starts at small-signal conditions. All derivations have been
verified with MATHCAD and the origina text input has been used. Therefore, in some
cases the Y" marker has not been used. The use of the MATHCAD equation set allows
for error free reuse of the equations.
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Table4-1

Frequency Dependent S-Parameters

LSignal 1 100MHz 3000MHz S-Parametersat “ -20dBm”
Si Sn Stz S

1.000E+08 0.78 -17.15 2957 -160.6 0.01 69.66 0.96 -7.63
1.500E+08 0.74 -19.95 30.87 -175170.01 73.05 094 -10.27
2.000E+08 0.71 -23.01 30.87 174.87 0.01 7361 092 -1238
2.500E+08 0.69 -26.34 3043 167.17 0.01 73.11 09 -15.25
3.000E+08 0.66 -298 298 160.76 0.01 7213 0.87 -17.61
3.500E+08 0.64 -33.28 29.08 1552 0.01 7091 0.85 -19.92
4.000E+08 0.61 -36.73 283 150.22 0.01 6959 0.83 -22.16
4.500E+08 059 -401 275 14568 0.02 68.24 0.81 -24.33
5.000E+08 056 -43.36 26.68 1415 002 6691 0.78 -26.44
5.500E+08 0.53 -46.47 2585 137.62 0.02 6566 O0.76 -28.44
6.000E+08 051 -4942 25.02 134 0.02 6451 073 -30.33
6.500E+08 048 -52.19 2418 130.62 0.02 635 0.7 -32.07
7.000E+08 046 -54.78 23.35 127.46 0.02 62.63 0.68 -33.64
7.500E+08 044 572 2254 12452 002 619 065 -35.04
8.000E+08 042 -59.44 21.74 121.76 0.02 613 0.63 -36.26
8.500E+08 039 -61.53 20.98 119.19 0.02 60.82 0.6 -37.31
9.000E+08 0.38 -63.48 20.24 116.77 0.03 6043 058 -382
9.500E+08 0.36 -65.29 19.53 11451 0.03 60.13 0.56 -38.95
1.000E+09 034 -66.99 1885 112.38 0.03 59.88 054 -39.57
1.500E+09 022 -80.06 137 96.21 0.04 5866 041 -415
2.000E+09 0.14 -91.02 10.61 8503 0.04 57.04 033 -4051
2.500E+09 0.09 -105.048.64 76 0.05 5451 029 -391
3.000E+09 0.06 -129.697.27 68.07 006 5133 025 -37.7



Table 4-2

Frequency Dependent S-Parameters

LSignal 3 100MHz 3000MHz S-Parametersat “ -10dBm”
Su S Stz S

1.00E+08 081 -128 1453 179.18 0.02 39.17 055 -20.62
1.50E+08 0.79 -14.26 1451 170.01 0.02 51.38 0.6 -24.42
2.00E+08 0.77 -16.05 1446 163.78 0.02 57.11 065 -27.11
2.50E+08 0.76 -1794 144 158.86 0.03 60.47 0.67 -28.33
3.00E+08 0.74 -19.85 14.31 154.78 0.03 629 0.69 -28.28
3.50E+08 0.73 -21.74 1421 151.32 0.03 64.83 0.7 -27.33
4.00E+08 0.72 -2362 141 14832 003 66.46 0.71 -25.99
4.50E+08 0.71 -2551 1399 145.65 0.03 67.72 0.73 -246
5.00E+08 0.7 -27.42 13.88 143.19 0.03 6857 074 -23.39
5.50E+08 0.68 -29.37 13.76 140.87 0.03 68.99 0.76 -225
6.00E+08 0.67 -31.38 1365 138.62 0.04 68.98 0.77 -21.93
6.50E+08 0.66 -3345 1354 1364 004 6859 0.77 -21.68
7.00E+08 0.64 -3556 1342 1342 004 6795 0.78 -21.68
7.50E+08 0.63 -37.71 1331 132 0.04 672 078 -21.89
8.00E+08 0.61 -39.88 13.19 129.83 0.04 66.31 0.77 -22.25
8.50E+08 059 -42.06 13.07 1277 0.04 6537 077 -22.62
9.00E+08 058 -4423 1295 1256 004 6448 0.76 -23.26
9.50E+08 056 -46.4 1282 12357 0.04 63.69 0.76 -24.04
1.00E+09 054 -4855 1269 1216 0.04 6282 075 -24.71
1.50E+09 037 -70.76 11.35 104.37 0.05 5276 0.67 -33.77
2.00E+09 021 -91.19 999 8864 0.05 46.68 048 -43.79
2.50E+09 0.12 -107.22843 77.36 006 4937 0.33 -43.13
3.00E+09 0.07 -130.387.18 687 006 48.69 0.27 -40.46

The following four plots, Figures 4-4, 4-5, 4-6, 4-7, show S;1, Sp», $1, and S, measured
from 50 MHz to 3000 MHz with driving levels from —20 dBm to 5 dBm. The DC
operation conditions were 2V and 20mA.
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Figure 4-4 Measured large-signal S;; of the BFP520.
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Figure 4-5 Measured large-signal S;, of the BFP520.
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Figure 4-7 Measured large-signal S,, of the BFP520.
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5 Resonator Choices

51 LC Resonators

The following resonators are found in various microwave oscillators. The lumped
resonator consists of a lossy 2pF capacitor and a lossy 1.76nH inductor with a 0.2pF
parasitic capacitor. The capacitor has alead inductor of 0.2nH and 0.2Wloss. Likewise,
the inductor has the same loss resistor. To measure the operating Q, this combination is
attached to a network analyzer, which determines S;;. The operating Q is calculated by
dividing the center frequency by the 3 dB bandwidth of S;. The quality factor Q is
defined as stored energy/dissipated energy. If there is no energy loss, the Q is infinite.
Figure 5-1 shows the circuit diagram of the resonator and the coupling.

|eap

Fl

=

Figure 5-1 Shows the circuit diagram of a parallel tuned circuit with lossy components and parasitics
loosely coupled to the input.

To determine the operating Q of the circuit, let us calculate the Q of the individua
branches. The total Q of the circuit can be calculated by combining the two individua Q
values following the equation.

_Q°Q
=1 %2 5-1
Q 0,70, (5-1)

Q.=2" p’ 24GHz  1.76nH/0.2W= 133, Q,= 165

Q=73
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The reason for the low Q is due to the 0.2Wloss resistor. It should be possible to reduce
this by more than afactor of 2.

5.2 Microstrip Resonators
Distributed/Lumped Resonators

The same paralld tuned circuit can be generated by using a printed transmission line
instead of the lumped inductor and maintain the same capacitance. This is shown in
Figure 52. Since the transmission line has losses due to the material, they need to be
considered. It is not practical to calculate these by hand, but rather use a CAD program
which does this accurately [115, 116]. These references describe how to get the Q factor
from S;; measurements.

-

P1

| 'EI:IP

ms

P:6.8%] mm
Wil B520mm

H:@. G ER:3

| gbel : sub

Figure 5-2 2.4 GHz resonator using both lumped and distributed components. The physical dimensions
are given.

49



0.00

| | | =1 |
\;\ TRL-Resonater /

2.00

4.00

JUEEiEitedcesce intintt
|

|
-10.00 — — i — | ——t
234 236 238 240 242 2.

FREQ [GHz]

dB(S11(ckt=reso-TRL))

W —
-y
[
(1)

Figure 5-3 Simulated reflection coefficient S;; to determine the operating Q. Since this material has
fairly high losses, an operating Q of only 240 was achieved.

The Q can be determined from the 3 dB bandwidth shown in Figure 5-3 and was
determined to be 240. Thisis also valid if the Y or Z parameters are used. Thisisa
typical value for a microstrip resonator. Values up to 300 are possible if the appropriate
layout and material is used.

Integrated Resonators

The same circuit can be generated not only using printed circuit board material, but also
in GaAs or in silicon. Figure 54 shows the schematic of a paralel tuned circuit using a
rectangular inductor and an interdigital capacitor. The ground connection is achieved
using a via. At 24 GHz, the number of turns and size of the inductor would be
significant. The same applies to the capacitor. This arrangement should be reserved for
much higher frequencies, above 5 GHz. The inductor losses, both in GaAs and silicon
are substantial and this case is only shown for completeness. Where possible an externa
resonator should be used.
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Figure 5-4 Parallel tuned circuit using a rectangular inductor (spiral could also be used) and an
interdigital capacitor. If implemented on GaAs or silicon, it exhibits low Q.

5.3 Ceramic Resonators

A very popular resonator is the ceramic resonator, which is based on a quarter-
wavelength arrangement. The ceramic is silver plated and can be modeled as a cable
with a high relative dielectric constant ranging from 33 to 88. The two 1pF capacitors
shown in Figure 5-5 load the resonator to achieve a resonance frequency of 2.4 GHz.
This resonator has an operating Q of about 400, which is much higher than the previous
cases. By varying the capacitors, the frequency can be altered. These are commercial
parts, which are made by a variety of companies. Most of the high performance
800 MHz to 2.4 GHz oscillators use these resonators.
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Figure 5-5 Shows a high Q resonator based on a quarter-wavelength ceramic resonator (CRO).
Operating Q’s of up to 500 are easily achievable.

5.4 Didectric Resonators

One of the highest-Q resonators is the dielectric resonator. This is a resonant structure
which is coupled to a transmission line. Its physical dimensions and dielectric constant
determine the operating frequency. These resonators can have a Q of several thousand.
By using the dielectric resonator/transmission line combination as part of an oscillator,
very low phase noise oscillators can be obtained. The drawback of this device is its
temperature coefficient and the fact that it is tuned by using a mechanical post, whichisa
few millimeters above the resonator. Thisisused for coarse tuning. Its equivaent circuit
Is a high-Q parallél circuit replacing the resonator. It is used as a stop-band filter as
shown in Figure 5-6.
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Figure 5-6  Shows a band-stop type resonant arrangement using a ceramic resonator.

Figure 5-7 shows the smulated 3 dB bandwidth based on the S;. The Q, of course,
depends on the coupling to the transmission line and other factors such as the ratio of
diameter to height of the resonator. These types of resonators can be used to 20 GHz and
above and have become quite popular as a point of reference for low-noise designs.

0.00
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Figure 5-7 Simulated S,; in dB for a dielectric resonator. This can be used to determine the 3 dB
bandwidth and the Q, if translated to Y or Z parameters.
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6 General Theory of Oscillators
6.1 Oscillator Equations

The following section describes the linear theory of understanding and designing
oscillators to be optimized for a specific frequency of oscillation and output power. This
is followed by analyzing the oscillator as a nonlinear system using a set of nonlinear
eguations, after the start-up conditions in the time-domain have been explored.

Linear Theory

The following is a general Y matrix approach to describe the feedback requirements for
an oscillator. Deviating from the standard approach, this will be done by S-parameters,
which will then be converted into Y-parameters for easy calculations. In the nonlinear
analysis, Section 6.2, we will have to distinguish between the start-up condition and the
sustaining condition. The linear theory does not alow us to do this. For the find
calculation in the linear theory, the large-signal S-parameters converted to Y-parameters
will be used rather than the small-signal values.

T-poat Dievice [BITTET]
| B-paramelens

Y.pom S-parameters

PFoi-1 Foat-3
Jepart Y -parameiers
(BIT/FET}

¥s m

M

L

General Oscillator Topology

| |2

Co
| |
[

=

I, T W, WP

Figure 6-1 Shows a flow diagram on how to convert S-parameters of the measured device to a 3-port
configuration for the transistor. The elements for the Colpitts oscillator, as an example, are then added.
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6.1.1 The Calculation of the Oscillating Condition
Considering Parasitics

In the practical case, the device parasitics and loss resistance of the resonator will play an
important role in the oscillator design. Figure 6-2 incorporates the base |ead-inductance
L, and the package-capacitance C,.

Cl;l |
C. I
I | U |//
I
J_ i e
o c
B Ty — Yr
- 1
Ry = Re 1 5
Oy
le

Figure 6-2 Colpitts oscillator with base-lead inductances and package capacitance. Cc is neglected.
The equivalent circuit of the intrinsic transistor is shown in Figure 8-12.

The expression of input impedance is given as

IN | pacakage

Yay 1 0 GG #CeHC) WYyl Yo Ue1)
W?(C, +C,)C, 1+W?Y;L2)g ~@W(C, +Cp)C,  (L+W?Y,L2) W(C, +C;)C, 4

p p

é
é

u

ZIN| i - B
without- pacakage E l,(' € lxl
eW2C1C2 ] é WC1C2 7]

(6-2)

where L, is the base-lead inductance of the bipolar transistor and C, is base-emitter
package capacitance. All further circuits are based on this model.

From the expression above, it is obvious that the base |ead-inductance makes the input
capacitance appear larger and the negative resistance appear smaller. The equivalent
negative resistance and capacitance can be defined as

Ry

Rpo=—— N (6-3)
"R 1+ wiYAL)
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u u

ié
1 _1é 1 U6 wy,l, & v, of
=ié a- 21 2L 6-4
CEQ : é (C +CP)C a e(1+ W2Y21L2)ueW(C +CP)CZW ( )
18(C,+C,+C,) H b
Y.
Ry =- 32— 6-5
" wlCC (65)
where
R,: Negative resistance without lead inductance and package capacitance.
Rwo: Negative resistance with base-lead inductance and package capacitance.
Ceo: Equivalent capacitance with base-lead inductance and package capacitance
At resonance:

€ } 1 u -é(c1 +CP+CZ) WY, Lp Yo U =0 (6-6)
S-wic we. ¥ lSuc+coc,  @ewI) wC, +C.C, o
él- w cu @W( 1 P) 2 1+w 21 )W( P) 2

é wlL 1 U_&C, +Co+C,) Y, wY,, L, @
p =@ > (6-7)
&-wiLlC wc, BW(C, +C,)C, W(C, +C,)C, (1+WY,L )g

EW2LC, - (1I- W2LC)U_ &1+ WY,IL3)(C, +Co+C,) - Wi, Y5 U
€ WC.(@- WILC) 4 & WG, +CoC,A+wYil)  § (68)
The expression above can be rewritten in terms of a determinant as
Det [W?LC, - (1-2W2LC] [+ wW?Y,L%)(C, +CP+C22)2- \;vale] 0 (6-9)
[WC. (1- w'LC)] [W(C, +C)C, (1+ WY, L0)]
and the resonance condition isgiven as K, - K,® 0
where
K, =[WPLC, - (1- W’ LC)][W(C, +C,)C, (1+wW?Y;L3)] (6-10)
K= [WC. (1- WALC)][(@+ W?Y2L2)(C, +C+C,) - WL, Y] (6-11)
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K,and K ,are expressed in terms of the polynomial as
K, =K W + K ,w* + K w? + K w2 + K, w
K ,= K,,W + K,w* + KW + K, W + KW
where the coefficients of the polynomial K, are
K, =[YALL2C,(C,C +C .C,+CC, +CC,)]
K, =0
Ky =[LC,(C,C +C,C, +C,C +CC,) - YZL2C,(C, +C,)]
K, =0
Ki =-[C,(C, +C.)]
and the coefficients of the polynomia K,are
K, =-[(C, +CP+C2)Y221Lf3 LCC.]
K,, =[L,Y;LCC,]
K, =[(C, +C,+C,)C. (Y4L3 - LC)]
Kz =-[LpYaCc]
K,s =[(C, +C,+C,)C,]

Now K, - K, can be further smplified as

[K11W5 + }<13W3 + KlSW] - [I<ZZI_W5 + }<22W4 + }<23W3 + l<24W2 + KZSW] = O

[(Ku - Kzl)W5 - Kzzw4 + (K13 - K23)W3 - K24W2 + (K15 - Kzs)W] =0

K1' sz AnWS + A.sz4 + A13W3 + A.I.4W2 + A.LSW

(6-12)

(6-13)

(6-14)
(6-15)
(6-16)
(6-17)

(6-18)

(6-19)
(6-20)
(6-21)
(6-22)

(6-23)

(6-24)

(6-25)

(6-26)
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fW, AL AL Az A As) = A11W5 + A12W4 + A13W3 + A14W2 +A;w=0 (6-27)
where

A, =(K,-K,)= [Y221LL2pC2 (CC.+C_.C,+CC, +CC,)] +[Y221L2pLCCC(C1 +C,+C,)] (6-28)
A, = (Ky, - Ky,) =[0- LPY221LCCC] (6-29)

As = (K - Ky)
Z[LC,(C,Cc #CyC +C,C +CC,) - YALLC,(C, +Cp)] - [(C, +Cp+C,)Co (VALY - LO)

(6-30)
Ay =(Ky- Ky) = LPY221CC (6-31)
Ai5 = (K15 - Kzs) =- [CZ(Cl +CP) + (C1 +CP+CZ)CC] (6'32)

Thefunction f(w, A, A, Az, Al As, Ag) Will have five possible solutions, which can be
solved with the help of MathCAD.

ForL,® O
_ [C.C, +CCo +C.Cc 639
e
L[C,C.C. +C,C,C+C,CC. +C,CC_]

W= | ! : (6-34)

é C,C,C. u

LeC+ a

¢ CGC,+CC.+C,C.

Cc is acoupling capacitor used for separating the bias circuit, and its value is normally
small, but similar to C; and C,, typically 0.2pF to 2pF.

Rewriting the polynomial equation without considering Cc,
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W= : (6-35)

6.1.2 Parallel Feedback Oscillator

Y
l
[Y] :
lfr| Y;
Tﬂul

Figure 6-3 Parallel feedback oscillator topology.

This example uses the large-signa Y-parameters derived from the large-signa S
parameters (measured or simulated).

The steady state oscillation condition for the parallel feedback oscillators given in Figure
6-3 isshown as

Y. +tY;P O (6-36)
The steady-state stationary condition can be expressed as

(?Yll +Y +Y, Y- Y, l}: (6—37)
g Y21'Y2 Y22+Y2+Y38

Y, =-[Y,, +V,] + [Y12 - YZ][Y21 - Yz] (6-38)
’ # ’ [Y11+Y1 +Y2]

where Y;; (i,j=1,2) are Y-parameters of the hybrid bipolar/FET -transistor model.
As shown in Figure 6-3, the active 2-port network, together with the feedback elements

Y; and Y,, are considered as a one-port negative resistance oscillator circuit. The output
admittance Y, can be given as
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— [le - Yz][Y21 - Yz]
Y, =-Y, b [Y, +Y,]- (6-39)
t : 2 ? [Y11 +Y1 + Yz]

According to optimum criterion, the optimum values of feedback susceptance B, and B,,
a which the negative value of Re[Y,,] is maximum, are determined by solving the
following differential condition:

TReYou] _ g TREYaul _ (6-40)
T[ al ﬂ 2

and the solution of the above differential condition will give the optimum values of
output admittance Y., and feedback susceptance B, and B, , which can be expressed in

terms of the two-port Y-parameters of the active device (BJT/FET) as

éB,, + B, U U eGm G, uéGlZ +Gy + Uu

N
*
Bl - s

]
B, + G, 6-41
: 11 S 2 H 8821 B, E% 2 11u|,|yb ( )
B = éB, +B, U 2(G12 +G,) (G, - Glz)g (6-42)
2
& 2 H e 2(B, - By) u
The optimum values of the real and imaginary part of the output admittance are
YOL;: [G out +J Bout] (6_43)
where G_,and B, isgiven as
. &G,, +G,,)%(B,, - B,)%U
Gay=Gy- & 12 214G 21~ P l) (6-44)
e 11 u
B '=B. + €G,, - Gy l‘;l_ &Gy, +Gy) +G. -G U €B, + By, ( u (6-45)
out 22 ngl _ 812 H 8 2 22 out U 8 2 H

Thus, in the steady-state stationary oscillation mode, the general condition for oscillation
IS given as:

Yo +Ys|P 0 and [G,, +G,] +[B,, + B;],and finally we get G, +G =0 and B, + B; =0

(6-46)

out
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where Y, =[G, + jB,], G, =1/R_, R_istheload resistance.

The output power for the given load Y, =[G, + jB.] isgivenas P, = 1V2

out out
2

G, , where Vo,

Is the voltage across the load. We can now introduce the voltage feedback factor m and
phase F ,, which can be expressed in terms of the transistor Y-parameters as

mz\/(Glz +GZl - 262)2 +(le - 812)2

(6-47)
2(Glz + G21 - Gz)
F.= tan B, - By (6-48)
GlZ + G21 - 262

An exampleis shown in Appendix A and explains the use of the two terms.

6.2 Large-Signal Oscillator Design

Traditionally, oscillators have been designed using small-signal parameters and
establishing a negative resistance using a feedback network to compensate the losses.
This approach allows for the determination of the start-up condition, but not for the time
it takes to reach steady-state oscillation, nor the steady-state operating conditions, nor the
output power. Using a nonlinear approach described here, a design rule for maximum
power will be given. Some applications impose higher priority on the DC efficiency
rather than the best phase noise and the following steps will demonstrate a procedure to
accomplish this. The question of noise in oscillators and the optimization of oscillators
for best noise will be shown in Section 7.

6.2.1 Start-Up Condition

The oscillator is an autonomous circuit. The noise present in the active device or power
supply turn-on transients leads to the initial oscillation build-up. Linear analysisis useful
only for analyzing oscillation start-up. It is no longer valid as the oscillation amplitude
continues to grow and the nonlinearity of the circuit becomes important. Nonlinear
analysis needs to be used to predict the oscillation amplitude and the spectral purity of the
oscillator output signal. As a basic requirement for producing a self-sustained near-
sinusoidal oscillation, an oscillator must have a pair of complex-conjugate poles on the
Imaginary axisi.e. in the right half of s-plane with a>0.

P(p,. p,) =a % jb (6-49)
While this requirement does not guarantee an oscillation with a well-defined steady-state

(sgueaking), it is a necessary condition for any oscillator. When subjected to an excitation

61



due to power supply turn-on transient or noise associated with the oscillator circuit, the
right half plane poles in the equation above produce a sinusoidal signal with an
exponentially growing envelope given as

v(t) =V, exp(a t) cos(b t) (6-50)
v(t),_, ® V, (6-51)

Vo is determined by the initial conditions. v(t)is eventualy limited by the associated
nonlinearity of the oscillator circuit.

Using either a feedback model approach or a negative resistance model, one can perform
the analysis of the oscillator. Depending on the oscillator topology one approach is
preferred over the other. The condition of oscillation build-up and steady-state
oscillation will be discussed using both approaches.

Figure 6-4 shows, in block diagram form, the necessary components of an oscillator. It
contains an amplifier with the frequency-dependent forward amplifier gain block, G(jw),
and a frequency-dependent feedback network, H(jw).

When oscillation starts up, the signal level at the input of the amplifier is very small and

the amplitude dependence of the forward amplifier gain can be initially neglected until it
reaches saturation.

Qutput

Hi{jw)

Figure 6-4 Block diagram of basic feedback model-oscillator.

The closed loop transfer function (T.F) and output voltage V,(w) are given by

o Vo) _ G(jw)

V,w) 1+ G(jw)H (jw) (&52)
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_¢  G(iw) g :
K T &=

For an oscillator, the output voltage V, is nonzero even if the input signa V; = 0. Thisis
only possible if the forward loop gain is infinite (which is not practical), or if the

denominator 1+ G(jw)H(jw)=0 at some frequency Wy, that is, the loop gain is equal to
unity for some values of the complex frequency s=jw .

This leads to the well-known condition for the Barkhausen criterion, and can be
mathematically expressed

IG(jw, )H (jw,) =1 (6-54)

and
Arg[G(jw, )H (jw, )] =2np wheren=01,2... (6-55)

When the Barkhausen criterion are met, the two conjugate poles of the overall transfer
function are located on the imaginary axis of the s-plane. Any departure from that
position will lead to an increase or a decrease of the amplitude of the oscillator output
signa in time domain, which is shown in Figure 6-5.

kY
LY E“ Par
l‘"—n_

T [=
3-Plane

Figure 6-5 Frequency domain root locus and the corresponding time domain response.

In practice, the equilibrium point cannot be reached instantaneously without violating
some physical laws. As an example, high-Q oscillators take longer than low-Q types to
achieve full amplitude. The oscillator output sine wave cannot start at full amplitude
instantaneoudly after the power supply is turned on. The design of the circuit must be
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such that at start-up, the poles are located in the right half plane, but not too far from the
Y-axis. However, the component tolerances and the nonlinearities of the amplifier will
play a role. This oscillation is achievable with a small-signal loop gain greater than
unity. Asthe output signal builds up, at least one parameter of the loop gain must change
its value in such a way that the two complex-conjugate poles migrate in the direction of
the Y-axis. The parameter must then reach that axis for the desired steady-state amplitude
value at a given oscillator frequency.

Figure 6-6 shows the genera schematic diagram of a one-port negative resistance model.
The oscillator circuit is separated into a one-port active circuit which is nonlinear time
variant (NLTV) and a one-port frequency-determining circuit, which is linear time
invariant (LTIV).

The frequency determining circuit or resonator sets the oscillation frequency and is
amplitude independent.

. Frequency-
Active-Cirount | — o Determining
Circuit

24,1y  Z.f)

Figure 6-6 Schematic diagram of a one-port negative resistance model.

Assuming that the steady state current at the active circuit is amost sinusoidal, the input
impedance Z, (A, f) can be expressed in terms of a negative resistance and reactance as

Z,(AT)=R(AT)+ X, (AT) (6-56)

Ais the amplitude of the steady state current into the active oscillator circuit and f is the
resonant frequency. R,(A, f)and X, (A, f)arethe rea and imaginary parts of the active

circuit and depend on amplitude and frequency.

Since the frequency-determining circuit is amplitude independent, it can be represented
as

Z (f)=R(f)+ X (f) (6-57)



Z, (f)is the input impedance of the frequency-determining circuit. R (f)and X, (f) are
the loss resistance and reactance associated with the resonator/frequency-determining
circuit.

To support the oscillator build-up, R, (A, f)<O0isrequired so that the total |oss associated

with the frequency-determining circuit can be compensated. Oscillation will start
building up if the product of the input reflection coefficient, G(f,), looking into the

frequency-determining circuit and the input reflection coefficient, G (A,, f,),of the active
part of the oscillator circuit isunity a8 A=A, and f = f,.

The steady state oscillation condition can be expressed as

G(ADG(F),.,, P G(A. f)G(f) =1 (6-58)

Active-Circuit ]"'n:qm:r!.u;.nr-
Determining
{ Circuit

Ll fo) L)

Figure 6-7 Schematic diagram of a one-port negative reflection model.

Figure 6-7 shows the input reflection coefficient G,(A,, f,) and G(f,), which can be
represented in terms of the input impedance and the characteristic impedance Z, as

_Za(A\)'fO)_ Zo _
G (A, fy) = 2o e (659)
_Z(f)- Z, .
and Q(fo)—m (6-60)
G(A. )G (f) =1p goalPorTo)” Zo (€2 (To)- 2,1 (6-61)

&Z. (A, fo) +Zo 062, (F) + Zo b

[Z.(Ays To) - ZollZ, (To) - Zo]- [Za(Ays fo) + Z,]1Z, (To) + Z,]1 =0 (6-62)
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P Za(A), fo)+Zr(f0)=O (6'63)
The characteristic equation Z,(A,, f,) + Z, (f,) =0 can be written as

Ra(A\)'fo)"'Rr(fo):O (6'64)

and
Xa(A\)’ f0)+ Xr(fo) =0 (6'65)

To support the oscillator build-up, R, (A f)<0isrequired so that the total |oss associated
with R (f,) of the frequency-determining circuit can be compensated. This means that
the one-port circuit is unstable for the frequency range f,<f <f, where
R,(A )1, <0P |R,(A, f)|f1<f<f2 >|R (f)|. At the start-up oscillation, when the signal
amplitude is very small, the amplitude dependence of the R, (A, f)is negligible and the
oscillation build-up conditions can be given as

[R.(f)+R ()., P R(f)+R (f)=£0 (6-66)
requires dlight negative resistance

and

[X.(F)+X, ()], P X, (£)+X,(f,)=0 (6-67)

f denotes the resonance frequency at which the total reactive component equals zero.

The conditions above are necessary, but not sufficient conditions for oscillation build-up,
particularly in the case when multiple frequencies exist to support the above shown
conditions.

To guarantee the oscillation build-up, the following condition at the given frequency
needs to be met:

ﬂlf[xa(f)+x,(f)]f:fx >0 (6-68)
R.(f,) +R(f,)<0 (6-69)
X, (f,)+ X, (f)=0 (6-70)
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Alternatively, for a paralel admittance topology

Y, (f)+Y, (f,)=0 (6-71)
G,(f)+G,(f,)<0 (6-72)
B,(f,)+B (f)=0 (6-73)
ﬂlf[Ba(f)+Br(f)]f:fx >0 (6-74)

Figure 6-8 below shows the start and steady-state oscillation conditions.

T

Resistance

frequency

Figure 6-8 Plot of start and steady state oscillation conditions.

To demonstrate the transient behavior, a ceramic resonator-based oscillator was designed
and smulated as shown in Figure 6-9. This transistor circuit, shown in Figure 92, is
used severa times in thiswork. The transient analysis function of Ansoft Designer was
used to show the DC bias shift and the settling of the amplitude of the oscillation that
occurs after 60nS. The transient analysis of microwave circuits, because of the
distributed elements, is a maor problem for most CAD microwave smulators. The
voltage shown is sampled at the emitter of the Colpitts oscillator.
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Figure 6-9 Transient simulation of the ceramic resonator-based high-Q oscillator shown in Figure 9-2.
The voltage displayed is taken from the emitter.

6.2.2 Steady-State Behavior

As discussed earlier, if the closed-loop voltage gain has a pair of complex-conjugate
poles in the right half of the splane, close to the imaginary axis, then due to an ever-
present noise voltage generated in the circuit or power-on transent, a growing, near-
sinusoidal voltage appears. As the oscillation amplitude grows, the amplitude-limiting
capabilities, due to the change in transconductance from small-signa g, to the large-
signal G, of the amplifier, produce a change in the location of the poles. The changes are
such that the complex-conjugate poles move towards the imaginary axis and at some
value of the oscillation amplitude, the poles reach the imaginary axis, giving the steady-
state oscillation.

[G(iw, )H (jw, ) =1 (6-75)

In the case of the negative resistance model, the oscillation will continue to build up as
long as R, (A )|, <0;activecircuitor b |R,(A f)|, .., >|R(f)], resonant dircuit, see

Figure 6-6.
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The frequency of oscillation is determined by R(A,,f,)+R(f,)=0.
X, (A, f)+ X, (f,) =0 might not be stable because Z, (A, f)is frequency and amplitude-

dependent. To guarantee stable oscillation, the following conditions are to be satisfied:
The first term of Eq. 676 is larger than the second term because the derivative of the
negative resistance must be larger than or equal to the derivative of the loss resistance.
This can be rewritten in the form of Eq. 6-77.

SRSk DxwiRo e e

SRl o) [ e, R o] 67

In the case of an LC resonant circuit, R (f)is constant and the equation above can be
simplified to

SR o o 679

Alternatively, for aparallel tuned circuit, the steady-state oscillation condition isgiven as

G, (o) +G, (f) =0 (6-79)
B,(f,) +B, (1) =0 (6-80)
1 A _

.l e oy, [>o (6-6)

6.2.3 Time-Domain Behavior

The large-signal transfer characteristic affecting the current and voltage of an active
device in an oscillator circuit is nonlinear. It limits the amplitude of the oscillation and
produces harmonic content in the output signal. The resonant circuit and resulting phase
shift sets the oscillation frequency. The nonlinear, exponentia relationship between the
voltage and current of a bipolar transistor is given as

qv(t)

it)=1.e" (6-82)
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| is device saturation current, v(t)is the voltage drive applied across the junction, k is

Boltzman's constant, q is the electronic charge, and T is the temperature of the device in
Kelvins. The bipolar case is mathematically more complex than the FET case. For the
FET a smilar set of equations exist which can be derived. Since most RFIC's now use
SiGe hipolar transistors, the bipolar case has been selected.

The voltage v(t)across the base-emitter junction consists of a DC component and a
driven signal voltage V, cos(wt) . It can be expressed as

v(t) =V, +V, cos(wt) (6-83)
As the driven voltage V, cos(wt) increases and develops enough amplitude across the

base-emitter junction, the resulting current is a periodic series of pulses whose amplitude
depends on the nonlinear characteristics of the device and is given as

Y0)

() =1eX (6-84)
Ve QVycos(wh)
i,t)=lere « (6-85)
Ve
i, (t) =1k exotw (6-86)
assuming I » l¢ (b>10)
VM v :
C(KT/q) kT (6-87)

i,(t)isthe emitter current and x isthe drive level which is normalized to KT /q.
From the Fourier series expansion, e*" js expressed as

gxcosint) — é a_(x) cos(nwt) (6-89)
a,(x)isaFourier coefficient and given as

20 (Wo= {E‘pxmd(m) - 1,9 (6-89)

0
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2p

an(x)|n>0=5 P cos(nwt)d (wt) = 1,(X) (6-90)
e = & a_(x) cos(mt) = I ,(X) + 5 |, (X) cos(nat) (6-91)

I ,,(x) isthe modified Bessel function.

(x/2)"
|

As x® 0P | ,(X)® (6-92)

l,(x) are monotonic functions having positive values for x30 and n* 0; 1,(0) isS unity,
whereas al higher order functions start at zero.

The short current pulses are generated from the growing large-signal drive level across
the base-emitter junction, which leads to strong harmonic generation. The emitter current
represented above can be expressed in terms of harmonics as

io(t) =1 equclo(X)eHZa E cos(nvvt)u (6-93)

)
X)

ldc =1 s€ KT IO(X) (6-94)

kT €& | u kT el u kT é 1 u
Ve = —Ing—%—¢ - +—1In (6-95)
© g a8 g e 8 g gLl
|s = collector saturation current
Vy =V, - ‘%m () (6-96)
@) =1 @+ 28 2 costny ] (6-97)
e 1 1e(¥) ]
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Vo and | are the operating DC bias voltage and the DC value of the emitter current.

Furthermore, the Fourier transform of i (t), a current pulse or series of pulsesin the time

domain yields a number of frequency harmonics common in oscillator circuit designs
using nonlinear devices.

The peak amplitude of the output current, the harmonic content defined as ely (9

éli(®¥) g
the DC offset voltage are calculated analytically in terms of the drive level, as shown in
Table 6-1. It gives good insight of the nonlinearities involved in the oscillator design.

Table 6-1 For T=300 K, data are generated at a different drive—level.

Drive level | Drive-Voltage Offset- DC-Offset | Fundamental Second-

[X] kT . Coefficient | KT Current Harmonic

F ™ nneor | TGN 20eoma) | D60 (]

mV

0.00 0.000 0.000 0.000 0.000 0.000
0.50 13.00 0.062 1.612 0.485 0.124
1.00 26.00 0.236 6.136 0.893 0.240
2.00 52.00 0.823 21.398 1.396 0.433
3.00 78.00 1.585 41.210 1.620 0.568
4.00 104.00 2.425 63.050 1.737 0.658
5.00 130.00 3.305 85.800 1.787 0.719
6.00 156.00 4.208 206.180 1.825 0.762
7.00 182.00 5.127 330.980 1.851 0.794
8.00 208.00 6.058 459.600 1.870 0.819
9.00 234.00 6.997 181.922 1.885 0.835
10.00 260.00 7.943 206.518 1.897 0.854
15.00 390.00 12.736 331.136 1.932 0.902
20.00 520.00 17.590 457.340 1.949 0.926

From the table above, the peak current 2[11(X)/Io(X)] in column 5 approaches 1.8971. for
adrive level ratio x=10.

KT

for T=300K, 1 = 26mV (6-98)
and V, = 260mV for x=10 (6-99)
12(X)

The second harmonic-distortion [63] m Is 85% for a normalized drive level of x=10
1 (X

and the corresponding DC offset is 205.518mV. When referring to the amplitude, x is
aways meant as normalized to %T Figure 6-10 is generated with the help of Math-
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CAD, and shows the plot of the normalized fundamental and second harmonic current
with respect to the drive level.

25

2

T 15
s

¥ 1
=R

05

0

2[11(x)/10(X)]
.44-'-"'_'_‘-_‘_' .
f’r‘w
/ 12(x)/11(X)
0 5 10 15 20
X

Figure 6-10 Plot of the normalized fundamental current 21,(x)/lo(x) and second harmonic 1,(x)/11(x) with

respect to the drive level x.

One can notice that as the drive level x increases, the fundamental 2l;(x)/lo(x) and

harmonic 15(x)/I1(X) increases monotonically.

Figure 6-11 shows the plot of the

coefficient of offset [Inl,(x)]with respect to drive level x so that the DC offset voltage

can be calculated at different temperatures by simply multiplying the factor %T [61].

20

e

15

/

10

In[10(x)]

/

_—

0

5

10 15 20

X

Figure 6-11 Plot of [In1,(X)] Vs drive level X.

At T= 300K the DC voltage shift is - 26[Inl,(x)JmV

for x=10

Vdc :Vch - k?Tlnlo(x)

(6-100)

(6-101)
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Vi ofies = kFTIn I (X) = 206mV (6-102)

Vo @ Ve are the operating bias points and DC offsets due to an increase in the

drive level. The DC voltage shift at x=10 is 206mV. Figure 6-12 shows the shape of the
output current with respect to the drive level and demonstrates that as the drive level
increases, the output current pulse width becomes shorter and the peak current amplitude
becomes greater.

i ()], ® O, For conduction angle 3 60° (6-103)
i, (t)],s® 0, For conduction angle 2 90° (6-104)
i, (t)],.,® 0, For conduction angle >180° (6-105)

The harmonic content trade-off is an important consideration in reducing the noise
content by using shorter current pulses [64-67].

12

g N

xX X X X

=
o

-180 -150 -120 90 -60 -30 O 30 60 90 120 150 180

wt

Figure 6-12 Plot of current with respect to conduction angle- (wt) and drive level X.

The designer has alimited control over the physical noise sourcesin atransistor. He can
only control the device selection and the operating bias point. However, knowing the bias
level, the designer is able to substantially improve the oscillator phase noise by reducing
the duty cycle of the current pulses and in turn reducing the conduction angle of the
current.
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Ve
From the equation above, it can be seen that the emitter current i (t) =1.e+" e s
proportional to e to any fixed drive value of x. The output current is normalized
with respect to e* for the purpose of plotting the graph. Figure 6-13 shows the
dependence of the conduction angle with respect to the drive level over one cycle of the
input drive signal v, =V, cos(wt).

QVac  QVacos(mt)
i,t)=1e<e K (6-106)
—_ — qvl H —_ % X cos(wt)
v, =V, cos(wt),x = 3 pit)=1e e (6-107)
. excos(wt)
01— (6-108)

Conduction angle vs. drive level
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Figure 6-13 Plot of conduction angle vs. drive level

Note that for small values of x, the output current is almost a cosine function as expected.
However, as the drive level x increases, the output current becomes pulse-like and most
of the portion of the cycle is non-conducting; there will be only negligible current during
the time between these current pulses. Therefore, aside from therma noise, the noise
sources that depend on the transistor on-current, such as shot noise, partition noise, and
1t noise, exist only during the conducting angle of the output current pulses. The
operation of the oscillator will cause the current pulse to be centered on the negative peak
of the output voltage because of the 180° phase shift between base and collector. |f the
current pulse, and consequently the noise pulse, is wide, it will have a component which

75



contributes a substantial amount of phase noise. If the drive level is increased, the
current/noise pulses will become narrower, and therefore, have less PM noise
contribution than wider conduction angle-pulses. Thisis nicely seen in Figure 6-20.

Due to the exponential nature of i (t), it is not possible to define a conduction angle for
these pulses in a conventiona sense, however, we may define a special conduction angle

X cos(wt )

as the angular portion of the cycle for which ©
derived.

8 0.05 for which asolution for j is

=0.05 (6-109)

f=wt (6-110)

X COSj
e )

In(0.0)
x H

(6-111)

X

=0.05b | = cos'1§l+

The plot of the conduction angle 3 vs. drive level is shown in Figure 6-13. When the
drive level increases above x = 2, the overall current wave shapes rapidly change from
cosinusoidal to impulse-shaped and cause aDC bias shift. Thiseffectively aidsthe signal
by shutting the base-emitter junction off for a good portion of the cycle, and thereby
makes the conduction angle of the output current narrower. Thisanalysisisvalid for the
intrinsic transistor. In practice all parasitics need to be considered.

Figure 6-14 is the oscillator circuit for the calculation of start-up and sustained condition.

Y.

BE Y
vﬂ;ﬁ e

leGl+ JBl
Y2:GZ + JBZ
and  Y=G,+|B,

Figure 6-14 General topology of oscillator.
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The bipolar transistor is represented by a current source and an input conductance at the
emitter for easier analysis of the reactance transformation. For easier calculation of the
capacitive transformation factor n, the oscillator circuit is rearranged as shown in Figure
6-15 [68].

Y3
Collector — Emitter
Iy |
G.L-Cq‘) ¥, |:] ¥ |:_I |i:|Y21 Whe
o]
Base

Figure 6-15 Equivalent oscillator circuit for the analysis of the transformed conductance seen by the
current source.

ale and Yy, are the current source and large-signal transconductance of the device given
by the ratio of the fundamental-frequency component of the current to the fundamental-
frequency of the drive voltage.

Y,m o (6-112)
leeak fundamental - frequency
& 4 1,(x) 0 1.(%)
I =l.d+2q — W) P 1 1pe= 21 4o —— 6-113
1|n:1 dcg'+ al. IO(X) COS( )H 1peak dc |0(X) ( )
X = normalized drive level from (6-87)
_kT
Vil =X (6-114)
Y21|Iarge— signal = Gm (X) (6‘115)
| g
Y21|sma|l—signa| :Fd/q =0n (6-116)

gl €21, (xX)u g, €21, (X)u (
c 2 . = 2m g - 6-117)
KIx E1,00 8., X &1,00 ¢

Y =G, (X =

21|l arge- signal —
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[Y21|Iarge—s'gnal]n:1 — Gm(X) b 2'1(X) (6_118)
[Y21| small- signal I n=1 Om Xl 4(X)

|Y21| small- signal > |Y21|I arge- signal P O > Gm (X) (6_119)

The ratio of the large-signal and small-signal transconductance as a function of drive
level is given in the Table 6-2, and its graph is plotted in Figure 6-16.

Table 6-2 Plot of G(X)/g.=2[11(X)/XIo(X)] vs. the drive level=x.

Drive level :x G ()/gm=2[11(x)/Xlo(X)]
0.00 1
0.50 0.970
1.00 0.893
2.00 0.698
3.00 0.540
4.00 0.432
5.00 0.357
6.00 0.304
7.00 0.264
8.00 0.233
9.00 0.209

10.00 0.190
15.00 0.129
20.00 0.0975

Gm(x)/gm:Large-signal transconductance/Small-signal transconductance

=
N

=

o
[ed

NERN
vl N
0.2 \

0

Gm(x)/gm
o
(o]

0 1 2 3 4 5 6 7 8 9 1011 12 13 14 15 16 17 18 19 20
X

Figure 6-16 Plot of G, (X)/gm=2[l.(X)/XIo(X)] vs. drive level =x.
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The voltage division for transformation purpose is computed with respect to V,, (voltage
from collector to base) because the current source is connected from the collector to the
base. The quality factor of the tuned circuit is assumed to be reasonably high for the
calculation of the impedance transformation, and finally the current source, which is
connected from collector to base, will see atotal conductance Gyy. The oscillator circuit
with passive component parameters is shown in Figure 6-17.

.......... Ya ..

-' =1 |

' ¥g

N e '

: Bl = :

L "':"."": ba : Ry
Y:i — .

Figure 6-17 Oscillator circuit with the passive components Y, Y,, and Y;. The equivalent circuit is
shown in Figure 8-12.

where
Y=G,+ B b jwC, For G, =0 (6-120)

, i EW'LC- DwC, U,
VewLc +o)- ¥

Y,=G,+|B, b G,

G, = loss parameter/load conductance of the resonator connected parallel to the resonator
component C,, C,and L, respectively.
Y3= GS + JB3D G3 + JWCZ’

G, = conductance of the bias resistor placed across C,, /R, in Figure 6-17.

The large-signal transconductances Y,; and G; are transformed to the current source

through the voltage divider zi’ The voltage Vg, must be added to Ve to calculate the

cb

transformation ratio, which can be written as

Soo_ T2 o2 (6-121)
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and
\Y}

ce

Vcb

C, _n-1

= (6-122)
C, +C, n

The conductance G, is aready in parallel with the current source so it remains
unchanged. The factor n represents the ratio of the collector-base voltage to the emitter-
base voltage at the oscillator resonance frequency.

G, ® % (6-123)

Y, ® % b % (6-124)
én- 1

G,® gy G, (6-125)

G, remains constant
The transformed conductance is proportiona to the square of the voltage ratios given in

Eq. 6-121 and Eqg. 6-122, producing a total conductance as seen by the current source at
resonance as

, 2
G, +G,  én-1u

Gtotal = Gz + nz +8 n H Gs (6-126)
For sustained oscillation, the closed loop gain at resonance is given as
éwbeYﬂa Ol‘ﬁl
g nG Ilil
6€ wd A_1p nG,, =VY,a (6-127)
é v, u
e G
e ¢
Yo _1p Ya o4 (6-128)
nGtotaI a nGtotaI

a isassumed to be 0.98 and variation in the value of a, does not influence the expression
above greatly. Rearranging the device conductance and circuit conductance, the genera
oscillator equation, after multiplying (6-126) with n on both sides, is written as
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€ Y, +G “1p U
NGy =NEG, +-2- 1+ B 206 (6-129)
g N &na g
e 15 U0 & (- ) é u
v,a :néGZJrYzl’szl - 16 G,qb w%ﬂ = G, +_21+gn_19 G,a  (6-130)
a8 n éng g & n HY g7 n &ng
(G, +Gy) - N(2G; +Y,2) + (G, + Gy +Y,) =0 (6-131)
_ (26, +%,) (26, +Y,8)" - 4(G, +G,)(G + G, +Yy) (6.132)
2G, +Gy)
_ (26, +Y,2) (265 +Y,2)* - 4G, +Gy)(G, + Gy +Yy) (6139
2G, +G) 2G, +Gy)
_ (26, +Y,a) (265 +Y,2)" - 4G, +G)(Gy + Gy +Yy) (613

272G, +G,) 2(G, +Gy)

From the quadratic equation above, the value of the factor n can be calculated, and
thereby, an estimation of the capacitance can be done a priori. To ensure higher loop
gan, n isselected fromn[ n;,n,].

Once the value of n isfixed, then the ratio of the capacitance is calculated as

c, _1 (6-135)
C,+C, n
c,=Stp Siong (6-136)
n-1 GC,
If G,andG, are zero then the above quadratic equation is reduced to

N°G, - nY,a +Y, =0 (6-137)

Y, @—G by, =g UL (6-138)

g nGRe
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a1 (6-139)
n -n
1
R, =—
P GZ
YaRe ® Loop Gain (6-140)
n
Loop Gain YaRe ®1 (6-141)
n
From equation (6-135) and (6-138)
2
Y, P G, (X) =Ri—[clc+§ d (6-142)
P 1~2

For arelatively optimum phase noise, the drive level has to be adjusted in such away that
the output current pulse is conducting for a short period without appreciably increasing
the harmonic content. Section 8 will show the absolute best phase noise operating point.

From equation (6-117) follows

Al €21,(xu  _ g, €20, (x)u

Y arge- signal = Gm(x) = Ty 6-143
21|| ge- signal KTx ee I, (X) uun:l X glo(X) anl ( )
From equation (6-142)
2
G,(¥) = RN (6-144)
R. CGC,
From equation (6-143) and (6-144)
, < , 2
On €21,(x0 _ 1 [C+C]°_1C¢€ Cu 6
Zm 2 s o=~ tmTal 4 iy e -145
X &lo(x) Hn:l R, CC, R. C, & 1H ( )
p: (2 P <
C,é& C,u _R.g,€2l,(xu
LA+ 220 = & 7 (6-146)
8l T gL,
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From equation (6-119)

P N P (2
R-g,, €21, (x)u c, e C,u
—Ena D2 £2d+—2; £RLQ (6-147)
u u m
X &l6(® G, C.& Cua

€21,(x)u
W {ECHE
X = = (6-148)
el C g G0
Re Cyg C, B
€21, (xu . : : .
The value of él—(x)g increases monotonically as the drive level x increases, and for
élo l’:|n=1

large values of x and C, <C,, n>1, the dependency of x can be expressed as

x = ReGnCy (6-149)
Cl

For large drive level, xu C,, and the corresponding conduction angle of output current is

given as

. __.é& In(.05)u,_ . 46 30 ]
j =cos §L+ » HDJ » COS §L o (6-150)
¢ C, u
j =cost@l- ———— (6-151)
e BRPGmCZH
T (6-152)
] H c,
XH C, (6-153)

Normally, the value of C; is kept fixed to avoid loading by the transistor. By increasing
the value of C,, the conduction angle can be reduced, thereby shortening the output
current pulse. Any change in designed frequency, due to the variation of C,, can be
compensated by changing the value of the resonator inductance without much change of
the value of the drive level x.
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The following shows an example for a 100 MHz and a 1 GHz oscillator circuit for
different normalized drive levels x. This is provided to give some insight into the
relationship between the drive level, the current pulse, and the phase noise.

Figure 6-18 shows the circuit diagram of a 100 MHz Caolpitts oscillator with a load of

500W. Thereason for selecting 100 MHz is because the transistor parasitics do not play a
major role at such alow frequency. For this example, a NEC 85630 transistor has been

selected. The emitter to ground capacitor determines the normalized drive level x. As
the drive level x produces narrow pulses, the phase noise improves. This can be seen n

Figure 6-19.

188_MH=z_OSCILLATOR

:

P <R

res
AAA
5, 31Kch

Figure 6-18 Schematic of a 100 MHz reference oscillator.



x=Drive-Level
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Figure 6-19 Single sideband phase noise as a function of the normalized drive level x.

The collector current plotted in Figure 20 becomes more narrow as the normalized drive
level x moves towards x = 20. At the same time, the base-emitter voltage swing
increases. Thisis plotted in Figure 6-21.

20.00-

==20

15.00

10.00

le(_lib1) [mA]

2.50 5.00 7.50 10.00 12.50 15.00 17.50 20.00
Time [nsec]

Figure 6-20 Shows the collector current pulses of the 100 MHz oscillator.
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¥=20

200.00 el = )
0.00 5.00 10.00 16.00 20.00
Time [nsec]

Figure 6-21 RF voltage Vbe across the base-emitter junction as a function of the normalized drive level x.

Now, moving to the 1000 MHz oscillator and using the BFP520, which has a much
higher cut-off frequency, we will evaluate the same conditions. Figure 6-22 shows the
1000 MHz oscillator and Figure 6-23 shows the collector pulses as a function of the

normalized drive.
188080 _MHz_OSCILLATOR

cop -
§7pF
B blos 2
- <

LR

res

L5080

pl

imd
YL
Bk

nols:bilpnoise

Figure 6-22 Test oscillator at 1000 MHz.
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30.00
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lel_lib1) [mA]
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i3 0.50 1.00 1.50 2.00 2.50

Time [naec]

Figure 6-23 Collector current pulses as a function of the normalized drive level x.

There adready is some ringing at the negative current of the collector. The base-emitter
voltage, based on the tuned circuit, remains less distorted as shown in Figure 6-24. The
change of phase noise in this case for close-in phase noise, is no longer that dramatic, but
at frequencies above 100 kHz from the carrier, there is a big difference in the phase noise.
This can be observed in Figure 6-25.

1.00

0.80

0.80

Vbei_lib1) [V]

0.7o

0.60

0.50
0.00 0.50 1.00 1.50 200

Time [nsec]

Figure 6-24 Shows the base emitter RF voltage of the normalized drive level x.
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Figure 6-25 Simulated SSB phase noise as a function of the normalized drive level x.

Tables 6-3 and 6-4 show the drive level for different values of C, for a 100 MHz and

1000 MHz oscillator.

Table 6-3 Drive level for different values of C, for a 100MHz Oscillator.

Drive level: x C: C, L Phase Noise Frequency
@10KHz
offset
3 500pF 50pF 80nH -98dBc/Hz 100MHz
10 500pF 100pF 55nH -113dBc/Hz 100MHz
15 500pF 150pF 47nH -125dBc/Hz 100MHz
20 500pF 200pF 42nH -125dBc/Hz 100MHz
Table 6-4 Drive level for different values of C, for a 1000 MHz Oscillator.
Drive level: x C, C, C. L Phase Frequency
Noise
@10KHz
offset
4 50pF 5pF 10pF 6nH -68dBc/Hz 1000MHz
8 50pF 10pF 6.5pF 6nH -72dBc/Hz 1000MHz
12 50pF 15pF 5.7pF 6nH -75dBc/Hz 1000MHz
18 50pF 20pF 5.4pF 6nH -77dBc/Hz 1000MHz
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Now, a further look at the phase noise will be performed. Figure 6-26 shows the plot of
the output current of the 100 MHz oscillator circuit for x=15. The ringing of the current
at the off-portion of the device is due to the device parasitic.

15.00

.Gutput current at driva-?ﬁwal:xﬂ 5
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I| .'I | | I|. f
Fat i 1~ fa ]
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-5.00 | F—— - . . N— N——
0.00 5.00 10.00 15.00 20,00 26.00 30.00
Time [nsec]

Figure 6-26 Shows the collector current pulses at a normalized drive level x=15.

Figure 6-27 shows the same oscillator circuit frequency scaled to 10 MHz and Figure
6-28 at 1000 MHz to verify the parasitic and packaging effect at higher frequency. At low
frequencies, the device parasitics do not have much influence compared to higher
frequencies. The noise current for the 10 MHz oscillator during off-cycle has little
variation and more or less is the same throughout the off-window. The noise currents for
the 100 MHz and 1000 MHz oscillators during the off cycle have a large variation in
magnitude and the variation is more predominant at 1000 MHz. The root cause of the
phase noise liesin the noise sources of the active device used in the oscillator. Shot noise,
burst noise, thermal noise, and 1/f noise are the major transistor noise sources, and all of
these noise sources, except thermal noise, exist only when there is current in the device.
It can be controlled up to some extent by adjusting the duty cycle of the current. The
basic process responsible for oscillation is due to feedback, and uses aresonant circuit in
which a series of periodic current pulses charge the tuned circuit. Between each charging
pulse, the bipolar transistor conducts zero current and is considered off. The phase noise
is produced depending on the shape of the current pulse when the transistor is on. If the
current is arelatively narrow pulse, existing for a very short time, there will be less phase
noise produced than from a wider pulse.

The smulated results support Lee and Haimiri’s theory [64-67], which states that
narrowing the current pulse width will decrease phase noise. It isimportant to understand
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that the optimum drive level will generate higher harmonics and the device may go into
saturation, which will degrade the phase noise performance. Lee and Hgimiri’s theory
[64-67] does not emphasize the optimum phase noise at a given power output which is a
strong function of ratio and absolute value of the feedback capacitors at given drive level
and resonator Q. Appendix B shows a numerical example.
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Figure 6-27 Collector current for a 10 MHz LC oscillator at a normalized drive level x=15. The ringing
shown is due to the harmonic content.
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Figure 6-28 Collector current at a normalized drive level x=15. At the peak values, the third harmonic
becomes a contributing factor (a dip in the curve) and there is a negative collector current.
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7 Noisein Oscillators

Section 6 and Appendix A derive all the necessary equations that are needed to design
power-optimized microwave oscillators. While the concept of noise was aready
mentioned before, oscillator noise theory will be dealt with here and the design for best
phase noise will be derived. The noisein an oscillator is determined by the noise (Iosses)
of the resonator and the noise contributions of the active device. The noise of the
transistor comes from severa sources, and the derivation of the noise theory is found in
Appendices B, C, and D. In the English language, frequently, there is no clear difference
between the noise figure in logarithm terms and absolute terms. The noise figure is
defined as

NF =10~ log(F)

The equations in the appendix, therefore, correctly refer to the noise factor, F, instead of
the noise figure NF as typically quoted.

The best signal-to-noise ratio a system can have is the available output power (in dBm)
divided by the noise floor (also in dBm). The resulting noise figure is a strong function
of the source impedance, which differs from the optimal noise impedance. The optimum
noise source calculation is also provided in Appendix D. While the oscillator is a
nonlinear circuit, noise theory is assumed to be linear. This means that the noise
mechanism in an oscillator has to be treated under steady-state conditions, at points of the
RF current and voltage waveforms. There will be an average noise figure as a result of
this. Computation of the noise in a system such as an oscillator is best done using the
noise correlation matrix approach. Since the noise itself consists of small currents and
voltages, one can begin to describe the noise of an oscillator using the linear approach.

7.1 Linear Approach to the Calculation of Oscillator Phase Noise
Since an oscillator can be viewed as an amplifier with feedback as shown in Figure 2-1, it

Is helpful to examine the phase noise added to an amplifier that has a noise factor F. With
F defined as

F = (S/N)m - Nout - Nout (7_1)
(S/N),, N,G GKTB

N.. = FGKTB (7-2)

N, = KTB (7-3)
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where Ni, is the total input noise power to a noise-free amplifier. The input phase noisein
a 1 Hz bandwidth at any frequency f, + f,, from the carrier produces a phase deviation

given by Figure 7-2.

- VnRMSl - FkT 7_4
mlpeak VsavRMS Psav ( )
1 |FKT
DA rus = ﬁ e (7-5)

1/f noise at carrier

c
wise iThermai noise floor
- f

Figure 7-1 Noise power versus frequency of a transistor amplifier with an input signal applied.

Noise power {dB)

o™ l—_—w
ShE——

Vo g 0 2

Viav ims x V2

‘ Vamwhig

Figure 7-2  Phase noise added to the carrier.
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L eeson’s Approach

Since a correlated random phase noise relation exists at f, - i, the total phase deviation
becomes

Dq RMStotal — 4/ FKT / va (SSB) (7'6)

The spectral density of phase noise becomes

Sq(fm):mlgMS: FkTB/Pw (7-7)
where B = 1 for a 1 Hz bandwidth. Using
KTB =-174dBm (B=1Hz T =300K) (7-8)

allows acalculation of the spectral density of phase noise that is far away from the carrier
(that is, at large values of f). Thisnoiseisthe theoretical noise floor of the amplifier. For
example, an amplifier with +10 dBm power at the input and a noise figure of 6 dB gives

S,(f,>f.)=-174dBm+6dB - 10dBm = - 178dBm (7-9)

Only if Py is > 0 dBm can we expect L (signal-to-noise ratio) to be greater than
174 dBc/Hz (1 Hz bandwidth.) For a modulation frequency close to the carrier, §; (fi)
shows aflicker or 1/f component, which is empirically described by the corner frequency
f.. The phase noise can be modeled by a noise-free amplifier and a phase modulator at the
input as shown in Figure 7-3.

Psav  gg(fl Noise-fres

Phaze amplifier
maodulater

& FkTE
PIII'

I
]
[

fe g —

Figure 7-3 Phase noise modeled by a noise free amplifier and phase modulator.
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The purity of the signal is degraded by the flicker noise at frequencies close to the carrier.
The phase noise can be described by

_FKTB® f,
S (fn) _P—gl+f_m

sav

(B =1) (7-10)

Q-0

No AM-to-PM conversion is considered in this equation. The oscillator may be modeled
as an amplifier with feedback as shown in Figure 7-4.

The phase noise at the input of the amplifier is affected by the bandwidth of the resonator

in the oscillator circuit in the following way. The tank circuit or bandpass resonator has a
low pass transfer function

— 1 -
)= e ) =
where
W,/2Q =2p B/2 (7-12)

is the half bandwidth of the resonator. These equations describe the amplitude response

of the bandpass resonator; the phase noise is transferred unattenuated through the
resonator up to the half bandwidth [70-72].
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Sgin 1 fal
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Figure 7-4  Equivalent feedback models of oscillator phase noise.
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The closed loop response of the phase feedback loop is given by

_® W, © ]
quut(fm) _g-" szLWm%inn(fm) (7 13)

The power transfer becomes the phase spectral density

€ 1ef, ol
out fm =él+— 2 = U in fm (7_14)
Slfn) g fanZQLfag (fa)
where §;i, was given by Eq. (7-10). Finaly, £(f), which is the single sideband phase
noise €§9
&2g

4 )=1[1+i(i)2]5 (o)
m 2 f;"n 2QL fin\Um (7-15)

This equation describes the phase noise at the output of the amplifier (flicker corner
frequency and AM-to-PM conversion are not considered). The phase perturbation S;, at
the input of the amplifier is enhanced by the positive phase feedback within the half
bandwidth of the resonator, fo/2Q), .

4 High Q Oscillator
Phase perturbation

FkT
P

ave

Low O Oscillator
Phase perturbation

fn' BT

Ss

=1

) Resulting phase noise
Zifml) 12 L)

h 2P

T

=

ahp—-

0
20 20

Figure 7-5 Equivalent feedback models of oscillator phase noise.

Depending on the relation between f. and fo/2Q., there are two cases of interest, as shown
in Figure 7-5. For the low Q case, the spectral phase noise is unaffected by the Q of the
resonator, but the £ (f,,) spectral density will show a 1/f  and 1/f ? dependence close to the
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carrier. For the high Q case, aregion of 1/f ® and 1/f should be observed near the carrier.
Substituting EQ. (7-10) in (7-15) gives an overall noise of

.2
1 a&f 0 FKT f. &) _ FkT
= +—U=

, 2 Y
. 12, 1efo & fdlp,
2 §2QL¢ P fng] 2Pa U

TP aQr 12820 5 f
m L m L@ m 24

1€
E(f,) =5 e+
g

@D P> (D

(7-16)

Examining Eq. (7-16) givesthe four major causes of oscillator noise: the up-converted 1/f
noise or flicker FM noise, the thermal FM noise, the flicker phase noise, and the thermal
noise floor, respectively.

Q. (loaded Q) can be expressed as

w W, w W, reactivepower
Q = = = CHIVEP (7-17)
Pision P+ Pes + Pyg total dissipated power

where W, is the reactive energy stored in L and C,

W, =1CV? (7-18)
P, =l (7-19)
Qunl

1 w? [ P 1 Py \? o, \ FkT,
L =~ 14+ —5 24 + —2E 14— |—=2
(fm) 2[ 4");271 \ w, W, Qunl w, W, ) J < Wy, ) Pgay

input power over phase perturbation
reactive power

resonator flicker effect

signal power over
reactive power

(7-20)

More comments on the Leeson formula are found in [70, 109, 161]. The practica
oscillator will experience a frequency shift when the supply voltage, is changed. Thisis
due to the voltage and current dependent capacitances of the transistor. To calculate this
effect, we can assume that the fixed tuning capacitor of the oscillator is a semiconductor
junction, which is reverse biased. This capacitor becomes a tuning diode. This tuning

96



diode itself generates a noise voltage and modulates its capacitance by a dight amount,
and therefore modulates the frequency of the oscillator by minute amounts. The
following calculates the phase noise generated from this mechanism, which needs to be
added to the phase noise calculated above.

It is possible to define an equivalent noise Ry that, inserted in Nyquist’s equation,

V, = J4KT,R,.Df (7-21)

where kT, = 4.2~ 10% a 300 K, R is the equivalent noise resistor, and Df is the
bandwidth, determines an open noise voltage across the tuning diode. Practical values of
Rueq for carefully selected tuning diodes are in the vicinity of 100W, or higher. If we now

determine the voltage Vn:\/4’ 42" 10" 100, the resulting voltage value is
1.265" 10°V/Hz.

This noise voltage generated from the tuning diode is now multiplied with the VCO gain,
resulting in the rms frequency deviation:

(Df, ) =K, (1265 10°°V)in 1 Hz bandwidth (7-22)

rms

In order to trandate this into the equivalent peak phase deviation,

q, = K?ﬁ (1.265" 10"°rad)in 1 Hz bandwidth (7-23)

m

or for atypical oscillator gain of 10 MHz/V,

q, = 0'0:’179 rad in 1 Hz bandwidth (7-24)

m

For f,= 25 kHz (typica spacing for adjacent channel measurements for FM mobile
radios), theqq = 7.17 ~ 10®. This can be converted into the SSB signal-to-noise ratio

£(f,) =20l0g, =
(7-25)
=-149 dBc/Hz

Figure 7-6 shows a plot with an oscillator sensitivity of 10 kHz/V, 10 MHz/V, and
100 MHz/V. The center frequency is 2.4 GHz. The lowest curve is the contribution of
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the Leeson equation. The second curve shows the beginning of the noise contribution
from the diode, and the third curve shows that at this tuning sensitivity, the noise from the
tuning diode by itself dominates as it modulates the VCO. Thisis valid regardless of the
Q. This effect is called modulation noise (AM-to-PM conversion), while the Leeson
eguation deals with the conversion noise.
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Figure 7-6 Simulated phase noise following Eq. (7-26).

If we combine the Leeson formula with the tuning diode contribution, the following
eguation allows us to calculate the noise of the oscillator completely.

2 N .. 2 i
fe U5, f OFKT | 2KTRK,'f (7.26)

te
£(f,)=10logj gl + ——— ;
( m) g%gl (meQL i fm szsav fm2

where

£(f) = ratio of sideband power in a1l Hz bandwidth at f,, to total power in dB
fm = frequency offset

fo = center frequency

f. = flicker frequency

Q. = loaded Q of the tuned circuit

F = noise factor

kT =4.1" 10 # at 300 K, (room temperature)

Psv = average power at oscillator output
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R = equivalent noise resistance of tuning diode (typically 50 W- 10 kW)
K, = oscillator voltage gain

The limitation of this equation is that the loaded Q in most cases has to be estimated and
the same applies to the noise factor. The microwave harmonic-balance simulator, which
Is based on the noise modulation theory (published by Rizzoli), automatically calculates
the loaded Q and the resulting noise figure as well as the output power [73]. The
following equations, based on this equivalent circuit, are the exact valuesfor Ps,, Q., and
F which are needed for the Leeson equation. This approach shown here is novel. It
calculates the output power based on the Egs. (8-66) to (8-76). The factor of 1000 is
needed since the result is expressed in dBm and a function of n and C..

! e é ,eC, & , ,U b u
i é 07 2u§3‘ Qfeclzgen-llg wol i i
[P.(n,C,] 5, =10Log] é(v /) Qe @ ' 4R *1000y (7-27)
ié 4(W0L) UeQZ% + 9 W, L2C2$C1 9 a |
i L Tl 1, €. 15 G A

0.7 = high current saturation voltage, V. collector emitter voltage <V

To calculate the loaded Q, we have to consider the unloaded Qg and the loading effect of
the transistor. There we have to consider the influence of Y,;". The inverse of thisis
responsible for the loading and reduction of the Q.

, * N (Cl +C2)
QO Q . Q* - 21
Q+Q" 1-w," C, L(Q=Q,)

w,

Q =

(7-28)

Based on Figure 8-7, which aso shows the transformation of the loading of the
differential emitter impedance (resistance), we can also calculate the noise factor of the
transistor under large-signal conditions. Considering Y»;", this noise calculation, while
itself uses atotally new approach, is based on the general noise calculations such as the
one shown by Hawkins [117] and Hsu and Snapp [118]. An equivalent procedure can be
found for FET’ s rather than bipolar transistors.

e --2 2
Fo1e_ GG &, + 1 e +(Cl+CZ)Clreg e 1 aerzb (C, +C)C1reoaef %
(C,+C,)Ciro g’ 2 b CC. 5 2 28 cc. 7 o
(7-29)
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When adding an isolating amplifier the noise of an LC oscillator system is determined by

S (f,) =[asFs +ac (R, / (2Q)?]/ 12

+|(2GFkT/ R)(F, /(2QL))2]/ f2

(7-30)
+(2a,Q FZ)/ 1.2
+a. / f_+2GFKT/ P,

where

G = compressed power gain of the loop amplifier

F = noise factor of the loop amplifier

k = Boltzmann's constant

T = temperature in Kelvins

Po = carrier power level (in watts) at the output of the loop amplifier
Fo = carrier frequency in Hz

fm = carrier offset frequency in Hz

QL= (pFotg) = loaded Q of the resonator in the feedback loop

ar and ag = flicker noise constants for the resonator and loop amplifier,
respectively.

[74]

It is important to understand that the Leeson model is the best case since it assumes the
tuned circuit filters out al the harmonics. In al practical cases, it is hard to predict the
operating Q and the noise figure. When comparing the measured results of oscillators
with the assumptions made in Leeson’s equation, one frequently obtains a de facto noise
figurein the vicinity of 20 to 30 dB and an operating Q that is different than the assumed
loaded Q. Attempting to match the Leeson calculated curve and measured curve requires
totally different values than those assumed. The basic concept of the Leeson equation,
however, is correct, and if each of the three unknown terms are inserted properly, the
computed results will agree with the measurements. The information that is not known
prior to measurement is:

a) the output power,
b) the noise figure under large-signal conditions, and
C) the loaded (operational) noise figure.

Example:

The following is a validation example for this approach.
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For an output power of 13 dBm, C; = 3.3pF, C, = 2.2pF, Y»' = 2mS, Q, = 1000,
Q" = 618 loading from the transistor, the resulting noise factor is 104 or roughly 20 dB,
and the total loaded Q is 380. Figure 7-7 shows the phase noise, including the flicker
corner frequency of 10 kHz. Thisisoneway of calculating the phase noise. Theresultis
very close to the CAD simulations and measurements, but is incomplete because many
transistor parameters are not considered, which would increase the accuracy. The
formula, however, does not allow us to enter more parameters.

Phase Noise WO
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Figure 7-7 Predicted phase noise for an oscillator using the values above. It agrees well with actual
measurements.

]

7.2 Phase Noise M easurements

The single-sideband phase noise of an oscillator has been the subject of many
discussions, but how can it be measured?

Spectrum Analyzer

The first and most smple approach is to use a spectrum analyzer which has a sufficiently
low phase noise oscillator. The phase noise is measured on the screen as afunction of the
offset off the carrier. Modern spectrum analyzers, such as the Rohde & Schwarz FSU
series, have a carrier phase noise option built-in. The phase noise is measured in a
normalized 1 Hz bandwidth. A bandwidth of 1 Hz is at best realizable in a DSP-based IF
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stage, but then the measurement time would be huge. A better way to do thisis to adjust
the bandwidth to be approximately 10% or more off the carrier. As example, when
measuring at 100 Hz off the carrier, 10 Hz bandwidth should be used, and at 100 kHz off
the carrier, a wider bandwidth, such as 10 kHz, can be used. Most analyzers have an
intelligent built-in option (program) which automatically selects the proper sweep speed
and bandwidth for this purpose. Since al high performance spectrum anayzers have
synthesized local oscillators with wide loop bandwidths, the phase noise of the analyzers
at frequencies deviations of about 10 kHz typically exceed the performance of the device
under test. High Q oscillators become a problem because they can have better phase
noise performance than the spectrum analyzer. Crystal oscillators, ceramic resonator
oscillators, SAW oscillators, and dielectric resonator oscillators fall into this category.

Phase Noise Test Setup
There are several phase noise test setups available on the market. The best instruments

known are made by Agilent (Hewlett-Packard) and Komstron (EuroTest). Figure 7-8
shows the popular Hewlett-Packard phase noise setup.

HF 35814 DYNAMIC

— B ¥ |
L = = =1
u W H
| R oUT — r = i
:' = L o e
--'“-u..____ 2 . = 12 4
HP 118484 PHASE
WEOISE INTERFAZE

Figure 7-8 Model 3048A -based phase noise test setup.

This system consists of a base unit with a phase detector and amplifier, several signa
generators, and a DC output. The test setup shown above is configured to determine the
minimum noise floor of the system to make sure there is enough dynamic range. Thisis
accomplished by taking the output of one of the built-in signal sources, splitting the
power and feeding the outputs into the built-in high-level double-balanced mixer. One of
the outputs is delayed in phase by the delay line shown on the |eft side of the picture. As
a result of this, the double balanced mixer receives the identical frequency into the RF
and LO input, and there is a phase difference between both signals. Because there is no
difference in frequency between the two signals, the resulting output is a DC voltage with
the signal generator’'s noise on top of it. Because of the conversion to zero IF, the
analyzer connected to the output needs to cover DC (10 Hz or less) to 1 - 10 MHz to
analyze the noise. Since there are no requirements for linearity for the mixing process,
the RF levels, both of the RF and LO input, can be the same.
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Using an FFT analyzer, Figure 7-9 shows the noise floor of the system. This is true
because the signal source in question is a high performance crystal oscillator with a much
better phase noise performance than any practical device under test (DUT).
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Figure 7-9 HP3048A noise floor performance test results.

Figure 7-10 shows the block diagram of the test setup with a small modification. Instead
of having one oscillator with a power splitter and a delay line, it uses two separate
oscillators. This is commonly used to measure medium quality oscillators. Aslong as
signal generator 1 is at least 10 dB better than signal generator 2, this approach is valid.
If both signal generators are identical, than there would be a 3 dB correction factor. Itis
good practice to synchronize oscillator 1 against the oscillator 2. The phase noise setup
system shown above has several frequency standards built-in. The high quality 10 MHz
reference oscillator output can be used to synchronize oscillator 1, if this a synthesized
signa generator. This is valid in most cases. If oscillator 2 is a VCO, the test setup
provides a DC control voltage, which can phase lock oscillator 2 in the system.
Depending on the measurement offset, the system adjusts the loop bandwidth.

Both systems have their plus and minuses. The delay line principle is limited by the
delay, which is a sine x/x function that repeats. The delay line measurement system
requires several delay lines to cover a wide range of measurements. More details about
the limitation of the cable measurement can be found in the system reference manual.
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Figure 7-10 Block diagram of the principle of the HP3048A system. There is an additional DC FM
feedback loop to phase lock one of the oscillators.

Figure 7-11 shows the area for which the delay line measurements are vaid. Thisis
frequency dependent and of course depends on the length of the delay line.

HP 30484 Carrier: 320.E406 Hz

B ——T (I S S R B B I B S EA M B S B o B e a
0 i : : : ' i
PSRN, N :
N — ]
~0 e —
. — e i
-60_ "\ \ 2 z :r H 1, -
ok = \\\_\\\L ! g
) S S 0 S -
g S e S . 10 Bfdee 3
- Validation of PNy -
-100 wlidation : ! e
-110 - Linearization ‘ \; :
: N
130 F ' . O
-uof : '3\\"‘
-1.50: : : ' : : -
-160 + ; + + : :
~170 L. AR A S RS A RN LA BN N A SR R L
100 1K 1K 100K 3L} 108
10 A0

£(f) [dBc/Hz) vs. f{Hz]

Figure 7-11 Display of a typical phase noise measurement using the delay line principle. This method is
only applicable where x ™ sin(x). The measured values above the solid line violate this relationship, and
therefore are not valid.

By choosing the appropriate delay length the dynamic range can be controlled. As an
example, the 1ntS delay line is ideal for most microwave frequencies. The limit of
-160 dBc/Hz was due to the system’s performance. This can bee seen in Figure 7-12. A
longer delay line, which is mechanically very bulky and lossy, allows measurements
closer in with better resolution. The delay line ideally is adjustable, which guarantees to
make small phase changes since the signa fed to the mixer should be in quadrature
compared to the other input. A more detailed description can be found in the system’s
manual [81].
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Figure 7-12 Dynamic range as a function of cable delay. 1 ns is ideal for microwave frequencies.

In the case of the two-oscillator (signal generator) measurement, the typical problem is
that the synthesized signal generator is not always as good as the high Q oscillators under
test. While for most cases the setup with one signal generator and the device under test is
sufficient, the additional delay line should be available to have a complete system.

The measurements shown in this work were taken with the Hewlett-Packard 3048A and
the Euro Test system. Figure 7-13 shows a picture of the test station, which houses both
systems.

Figure 7-13  Synergy Microwave Corp. in-house automated test system to measure oscillator phase
noise.
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8 Calculation and Optimization of Phase Noise in Oscillators

8.1 Introduction

This section develops the computation for the noise properties of an oscillator and a
design guide for best performance will be given. Two methods will be chosen. Oneis
the calculation of atime-domain dependent negative resistance that is necessary to enable
and sustain oscillation. A bias-dependent noise calculation is possible from this
approach. The second approach is a loop gain approach in which the oscillator is
considered a closed loop. This alows for the calculation of the impact of the various
noise sources in the transistor, a bipolar transistor.

8.2 Oscillator Configurations
The most relevant circuit configuration used for microwave applications is the Colpitts

oscillator with a parallel tuned circuit operating in an inductive mode as shown in Figure
8-1.
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Figure 8-1 Shows a parallel-tuned Colpitts oscillator.
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8.3 Oscillator Phase Noise Model for the Synthesis Procedure
Device Phase Noise

Phase noise in an active device is generated by white additive moise as well as by shot
noise.

1. For white additive noise, the power spectral density is flat with the frequency. For
a device having a noise factor of F, the half sided power spectral density of the
phase noise is given as

FKT
P

S

SDq (W) = (8' 1)

Where k is a Boltzman's constant, T is absolute temperature and Ps is the signal
level at the active device input.

2. For shot noise, the power spectral density of the phase noise representation varies
inversely with frequency, and is given by

Sp, (W) = KW (82)

where K, is a constant.

3. The total power spectral density of the input phase error can then be written as

K FKT
Sy, (W) =—2+
Dq() W P

S

(8-3)

For small phase deviations at a frequency offset less than the resonator half
bandwidth wy/2Q, a phase error at the input to the active element of the oscillator
results in a frequency error. This frequency error is determined by the phase
frequency relationship of the feedback network.

i _Wo !
a 20, (8-4)
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Casel

For noise modulation rates less than the half bandwidth of the feedback loop, the
spectrum of the frequency error is identical to the spectrum of the oscillator input phase
noise, Sy, (W). The spectrum of the phase error can be given as

w, U So, (W) éew, u
(W) =a-——— for f <a—2 (8-5)
T et v &2Q. 1

Case 2
For noise modulation rates large compared to the half bandwidth of the feedback loop,

the series feedback is not effective, and the power spectral density of the output phase,
S (w)isidentical to the spectrum of the oscillator input phase noise, S, (w).

S W) =S, (W) (8-6)

A composite expression for the power spectral density of the output phase is

é Ous w) 1. éw, uPS (w) i

s B e B *
K, . FKT )

Sou ) = 57X ©9)

)= g+ CFTd g w b 69

s o 62Qwa b

The phase noise can be described as a short-term random frequency fluctuation of a
signal which is measured in the frequency domain, and is expressed as a ratio of signa
power to noise ratio measured in a 1 Hz bandwidth at a given offset from the desired
signa frequency.

W ,+Dw,1Hz)u
£ (DVV) lOLog,\ adeband ( )
e carrier U

g=10Log [S (f)] (8-10)

derivatives of

the Leeson equation.
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8.4 Phase Noise Analysis Based on the Negative Resistance M odel

The following noise analysis for the oscillator, while based on the approach of
Kurokawa [82], is an attempt to introduce the concept of a “noisy” negative resistance,
which is time dependent. Kurokawa, addressing the question of synchronized oscillators,
provided insight in the general case of a series oscillator. The method introduced here is
specific for areal oscillator and real noise sources.

This concept gets started by connecting a parallel-tuned circuit to atransistor in Colpitts
configuration. Since, the two capacitors C; and C, are similar in value, not different by
more than afactor of 2 or 3 and connected to a parallel-tuned circuit viaa small coupling
capacitor C., the output impedance of the emitter follower circuit gets transformed to the
base. The differential output impedance at the emitter is 1/Y 5" (large signal), while the
input impedance itsdlf is 1/Y,," ~ b. Because of this, the contribution of Yi; can be
neglected for the basic analysis. This is only valid for this particular case. Consistent
with Eq. 6-1, which is based on the same approximation, but includes the parasitics, the
transistor circuit now provides a negative resistance (or a negative conductance). This
negative conductance cancels the losses concentrated in the loss resistor R, which for
infinite Q would also be infinite.

Figure 82 is a Colpitts oscillator arrangement, simplified for the purpose of showing the
circuit components. On the left side we see the resonator tank circuit with the loss
resistor Rp, and on the right side we see the negative conductance, which is time
dependent. The time dependence comes from the fact that the collector current is a series
of pulses and the negative conductance is only present during asmall period of time.
This explanation is necessary to justify the existence of aloaded Q. If there would be a
negative resistance or conductance present al the time, the compensating circuit would
reduce the bandwidth to essentially zero or an infinite Q. In reality, however, for most of
the time the transistor “loads’ the tuned circuit, and therefore, the operating Q is less than
the unloaded Q. Another time-domain noise analysis was shown by Anzill [80], but is
not useful for HB simulators.
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E

Resonator-Tank Negative Conductance

Figure 8-2 Colpitts Oscillator configuration for the intrinsic case, no parasitics assumed, and an ideal
transistor considered.

The following two circuits show the transition from a series tuned circuit connected with
the series time-dependent negative resistance as outlined in Eq. 6-1 and the resulting
input capacitance marked C,y. Trandated, the resulting configuration consists of a series
circuit with inductance L and the resulting capacitance C'. The noise voltage e\(t)
describes a small perturbation, which is the noise resulting from R_ and —Ry(t).

Figure 8-3 shows the equivalent representation of the oscillator circuit in the presence of
noise.

R. i(t)
L -Ra(D) L 2R
| | L]
c Cin c Ry ()
\/
en(t)

Figure 8-3 Equivalent representation of the oscillator circuit in presence of noise.
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The circuit equation of the oscillator circuit of Figure 83 can be given as

LA+ (R - R )10+ 2 G0k =, 0 (8-11)

where i(t) is the time varying resultant current. Due to the noise voltage e\(t), Eg. 811
is a nonhomogeneous differential equation. If the noise voltageis zero, it trandatesinto a
homogeneous differential equation.

For a noiseless oscillator, the noise signa e, (t)is zero and the expression of the free-

running oscillator current i(t) can be assumed to be a periodic function of time and can be
given as

i(t)=1,coswt+j )+I,coswt+j ,)+1,cosBnt+j ;) +....I cos(nwt+j ) (8-12)

where lq, |5 ..... I, are peak harmonic amplitudes of the current and j 4, j ».....J h aretime
invariant phases.

In the presence of the noise perturbation e (t), the current i(t) may no longer be a
periodic function of time and can be expressed as

i(t)=1,(t)coswt+j ()] + 1, () cos2wt +j ,(t)] +1,(t) cos[Awt +] ,(t)] +
A ®cog(n- 2wt +j O]+ 1 (t)cos[(n- Dwt+] (O] + 1, (t)cosinwt +j  (1)]
(8-13)

where [4(t), 12(t).....I1,(t) are time variant amplitudes of the current and j 1(t), ] 2(t).....J n(t)
are time variant phases.

Considering that I,(t) and j ,(t) do not change much over the period of 2p/nw; each
corresponding harmonic over one period of oscillation cycle remains small and more or
lessinvariant. The solution of the differential equation becomes easy since the harmonics
are suppressed due to a Q > 10, which prevents i(t) to flow for the higher terms.

After the substitution of the value of % and (i(t)dt, the complete oscillator circuit

eguation, as given in Eqg. (8-11), can be rewritten as
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L{- Il(t)(w+M)sin[wt+j 1(t)]+MCOS[Wt+j O]+
dt dt
10w+ Y 2( ))S'n[ZWHJ O]+ dt( ) cog 2wt +j ,(0)] +

- L(t)Bw+ ;())sn[aNt+13(t)]+ dt(t)cos[aNtﬂ (D] +...

- 1 () (nw+ ())sm[nwt+1 (t)]+dI ® cosfnwt +j ()]} +
dt dt
[(R - Ru(1))i(t)] +
L1€,(t) l(t)a@u (1) &0 1 &l ()6 .
?S W %sm[wtﬂ O+ —¢ pm écos[wtﬂ 1(t)]%+
1 IeI 2 (1) 1,(t) aglj , (1) o0 1 ol ()9
ClEow T s AN (0 G asw (t))%+

o 020 %oant L+
b

1le,0 | 0 02,

Liél, (@ 1,0 e (Hou 1 all, (1) N
= I Uy RO RS’ -cos[nwtﬂn(t)]%—eN(t)

CriEmw  n@w? g & dt g
(8-14)

Because Q > 10 we approximate:

% = LW+ dlt(t))sin[wt+j (O] + dlét(t)

higher order harmonics of a very small amount)

cosfwt +j ,(t)] + (dowly varying function at

112



el,(t) 1.(t) e ,(t) g0

G =g - S g 01+ S

w? e dt
varying function at higher order harmonics of avery small amount)

cos[wt +j , ()] + (Sowly

After the substitution of the value of % and (i(t)dt, the oscillator circuit Eq. (8-14) can

be rewritten as

LS 1w+ 1( Loy sinfw e+ 401+ F2 cos + 1(t)]8+[(RL R O )]+

g

11el,(t) 1,(t)as) 1(t)ou
E%Sw w2 & dt %Sn[ww Oz

di, (t)
dt

: gﬂ ul )OCOS[Wt +] 1(t)]y ey (t) (8-15)
28 dt b

Following [82], and for ssimplification purposes, the equations above are multiplied with
snwt+j ,(t)Jor coswt +j ,(t)] and integrated over one period of the oscillation cycle,
which will give an approximate differential equation for phase j (t) and amplitudei(t) as

> D
ﬂ o
oo

d é
t)snfwt+j (t)]dt = - Al + .
tng() [wt+j (t)] at & Twic

Uy S wi+ (8-16)
H &

oo\

1
x| wC

:

0

eT—uCFN(t)COSBNHJ (t)]dt—d'd(:)gL e UWr-mmlo  (817)

Ut- 1,
where R, (t) isthe average negative resistance under large signal condition.

R = o2 |“ OQN(t)I(t)cos wt +j Y]dt (8-18)
élol G- To

Since magnitude of the higher harmonics are not significant, the subscript of j (t) and
| (t) are dropped. Based on [82], we now determine the negative resistance.

Calculation of the Region of the Nonlinear Negative Resistance
Under steady-state free running oscillation condition,

di)
dt

®0

113



implies steady current, and
e,t)® 0

with | = fundamental RF current. Solving the now homogeneous differential equation
for R. — Ry(t) and inserting the two termsinto 817, we obtain

eT_& (T)OeN(t)cos[wtﬂ Ot =58 R - RO (8-19)
teem ® 0

now we introduce g, g= %;for D® 0,g® Oand

[R-Ry®]=gD,g® 0P[R -R,D]I({H)® O (8-20)
é2u
R - Ry() =R - eT—u d?N (t) cos’[wt +j (t)]dt® O (8-21)
0 Ut-T

[R - Ry(®)]I(t) ® 0 givestheintersection of [ R, (t)] and [R]. Thisvalueisdefined asly

which is the minimum value of the current needed for the steady-state sustained
oscillation condition.

Figure 84 shows the plot of the nonlinear negative resistance, which is a function of the
amplitude of the RF current. As the RF amplitude gets larger the conducting angle
becomes more narrow.

[——» Iy

Figure 8-4 Plot of negative resistance of [ R, (t) ] vs. amplitude of Current I.
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For asmall variation of the current DI from |o, the relation above is expressed as
[R.- Ry()]=g D (8-22)

g CI can be found from the intersection on the vertical axis by drawing the tangential line
on[Ry(t)] al =1lp |Cl|decreases exponentialy with time for g>O0.

Hence, 1, represents the stable operating point. On the other hand, if [R (t)] intersects

[R] from the other side for g<O then |DI | grows indefinitely with time. Such an
operating point does not support stable operation [82].

Calculation of the Noise Signal in Time Domain

From solving the two orthogonal equations, we need to obtain information about current
I(t) and j ().

e2u’ dime . 1 0¢é 10 !

eg_lTo&.?N (t)sinjwt +j (t)]dt = ot 8L+WZC,H+S_- WL+_WC'H (8-23)
dl (t)e _

eT—ldt ?N(t) cosjwt +j (t)]dt = o 8 C [RL R (t)]l (t) (8-24)

The analysis of the noise signal can be accomplished by decomposing the noise signal
en(t) to aninfinite number of random noise pulses represented by

ed(t-t,) (8-25)

where e is the strength of the pulse at the time instant to, and both e and to are independent
random variables from one pulse to next pulse!

The time average of the square of the current pulses over a period of time can be shown
to be

—

= d8ed(t- )] de=ef (8-26)

—
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The mean square noise voltage €7, (t) is generated in the circuit in Figure 8-3.

Figure 8-5 shows the noise pulse at time instant t =ty

A

en(t) ed(t- t,)

Figure 8-5 The noise pulse at t = t,.

The integral of the single noise pulse above gives the rectangular pulse with the height

gTigpsin[wt +j (t)] and thelength of Ty as shown in Figure 8-6.
e'olU

A

ex(t) ed(t-t,)

2! . . :
— ce. () sinfvt +j (t)|dt '
Et.?“() bt OK g%es'n[wcoﬂ Q)

to tgtTy ¢

Figure 8-6 The amplitude of the rectangular pulse.
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The integration of the single elementary noise pulse, following the Dirac D function,
resultsin

t

é2u

5 L () sinfwt +j (t)]dt » d(t- t,)sinfwt+j (t)]dt 8-27

eeT—HO‘v‘()[ j(1)] eT—Ht(Tz%( o)sinfwt +j (t)]dt] (8-27)

é2u !

Fu Oi'd(t t )Sn[Wt+j (t)]dt » FLﬁsn[Wt +] (t)] (8'28)
ut To

since the length of time Ty is considered to be sufficiently small for any variation of
j @®and I(t) during the time T, The corresponding rectangular pulse of the magnitude

Tgesin[w t, +j (t)] isconsidered to be another pulse located at t = t; and can be expressed
0

in the form of an impulse function with the amplitude 2e sinjwt, +j (t)located at t = t, for
calculating the effect using Egs. (8-23) and (8-24).

The effect of ETEU CBn (D sinfwt +j (t)]dt is given by [ny(t)] which consists of anumber of

e'olt-T1,
rectangular pulses. The time average of the square of these pulses, following [82], can be
calculated as

6[a2esth+Jmma %ﬂdef(ﬂaeda tﬂdt (8-29)

t=-T

%m:%a da%Mm (8-30)

From the equation above

n2(0) = 263 1) (8-31)

Similarly, the total response of Ti CBu (D cosiwt +j (t)]dt can be expressed by [ny(t)],

0tT,
which consists of a large number of such pulses and the time average of the square of
these pulsesis
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nZ(t) = 26 (t) (8-32)

since Ti Cky (D) sinfwt +j (t)]dt and Ti Cku (D coswt +j (t)]dt are orthogonal functions,
0tT, 0tT,

and in the frequency domain are the upper and lower side bands relative to the carrier,

and the correlation of [ny(t)] and [n,(t)] is

n (t)n,(t) =0 (8-33)

Now consider the narrow band noise signal, which is

ey (t) = ey (t) +ey,(t) (8-34)
ew () =e O snw,t+j t)] (8-35)
ena(t)

enz(t)

Oscillating signal 1

Figure 8-7 Vector presentation of the oscillator signal and its modulation by the voltages ey; and eyp.

enz(t) = - & (t) cosjw, t+j ()] (8-36)

where e, (t) and e, (t)are orthogona function, and e (t)and e, (t) are slowly varying
function of time.

The calculation of I, (t)and j ,(t)for the free running oscillator can be derived from Egs.
(8-23) & (8-24) as
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€20 . . _ dimeé 1y, ¢é 1 !
o4 gaN (Osnwt+j (Dlde=- = NVl e (8-37)
2%3 Cp (O sinfwt + (D]t P g E h(t) (8-38)
e' "o Ut-T,
at resonance frequency w = wo,
I dj (t)é 1 g é 1 uu 3 d (t)
' e U wL+—— SNl e BAAA 8-39
F 0 & wich §7 Twel ) dt (8-39)
and
—n(t)— 2 9O (8-40)
dt
d@®_é1u _
dt 82L|H () (&-41)
If Eq. (8-41) istransformed in the frequency domain,j (t) can be expressed as
. n, ()
fy=—">~ 8-42
FO=21 (8-42)
Now the spectral density of [j (f)] is
i (f)° =———|n,(f 8-43
1 2e, () 2e, (f)
R f 4| 2|_2| 2 _4| 2|_2|| (&44)

where f variesfrom -¥ to+ ¥ .

The amplitude of the current can be written as I(t) =1, +DI (t) , where |, represents the

stable operating point of the free-running oscillator with a loop gain dightly greater
than 1.
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From Eq. (8-24)

2 . _di(t) 19 By
T Oa (tycosft +] (B)]dt=— §+W2C,B+ [RL RN(t)]l (t), we can calculate

_|

g2 t t+'tdtg —,LﬂDIt+DItI +DI2(t)gY 8-45
ST—QeN()coan j (] szw_g'z oD O1+ DI 1g +DI* (Vg (8-45)
Since the amplitude of DI ?(t) is negligible, its value can be set to 0;
s 9 2 U T !
§2Lﬁ[DI ()] + DI (1)1 ,g + DI (t)gH—ZLﬁ[DI ()] + DI (1)1 ,g (8-46)
n,(t) =— 03N (t)cosjwt +j (t)]dt (8-47)
n,(t) = ZL%[DI ()] + DI () g (8-48)
n,(f)=2Lw DI (f)+DI(f)l,g (8-49)
The spectral density of [n,(f)] is
I, (F)" =[4L°w? + (1,9)*] DI ()" (8-50)
and the spectral density of DI (f) can be expressed in terms of |n,(f)|* as
DI(H)* = : In, ()’ (8-51)
[4w? +(1,9)°]"
2 2 2 2e, (f ?
In, () = 2ey (F)2 P |DI(F)f = en(f) (8-52)

[4Lw® +(1,9)°]

since n,(t) and n,(t) are orthogonal function and there is no correlation between current
and phase

n(t)n,(t)=0P I(t) (t)=0 (8-53)
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The output power noise spectral density of the current is given as

Poee( ) = 2R|1(F)’ (8-54)

The noise spectral density of the current is given as
) ¥
1(F)]" = AR )exp(- jwt )dt (8-55)
-¥

where R ( ) isthe auto-correlation function of the current and can be written as

R (t)=[I(®)I(t+t)cosw,t +] (t)]cosiw,(t+t)+] (t+t)]] (8-56)

Since I(t)and j (t) are uncorrelated, auto-correlation function of the current R ¢ ) can be
given as

1 .
R (t )=§[|§ + Ry (t )]COS(Wot )[cosf (t+t)-] (1))] (8-57)
From [82], but taking into consideration that both side bands are correlated, we can write

de ) g Ie t)°
2Lgl, % 8 4|_2

e
R (t )ziél |t| cos(wot) (8-58)
2 2
Since the publication [82] skipped many stages of the calculation, up to here, a more
complete and detailed flow is shown. These results are needed to calculate the noise
performance at the component level later. Note, the factor of 2, which results from the
correlation.

I de, ()|
Considering 2 o 5> | Nz( 2|
2L L*1;

1()” = R ) exp(- jwt )dt (8-59)

, the noise spectral density of the current is given by

with | = 1o + DI(t); al RF-currents.
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é u
e a
é U
()’ |e“(Lf)| & - — - 7U+
g - 2+aé“‘(f)| 2 +8F6N(f)| 03
o) e W) e
8 § 4Ly &40 58
é u
, 6 u
|eN(f)| é 1 1 u
8 LZ e .2 + | <2 l;l (8_60)
S(w - W) 2+ 0 g (W+Wo)2+@ Og 0
& g L gZLQ; H
with
é u
e U
e, (f)° € g
| N8(L2)| g 1 o+ 1 3® FM noise  (8-61)
O = LLE R LTV R £y
e g o 7} g g u
é u
en (1) & 1 1 ;
N8L2 g S+ 2u® AM noise (8-62)
@(W-wo)2+§@ 02 (w+w0)2+§®|°g a
8 Lg ﬂH
Sinceg 0 >> Zen )|
41212

for w® wy FM noise predominates over the AM noise.

For w>>w,, both the FM noise and AM noise terms give equal contribution.

Considering w+wy>>w-wo, then
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é 0
é u
e u
Gk > e O e L L+ ! _ (8-63)
8L" & (f) 8 @0 Y
e(w - w,)? +9N22_ (W-wy)" + L= Y
e 84L 2 U
e (%] u
Poee( ) = 2R |1 ()’ (8-64)
é 0
e u
oe u
nmse(f) 2R a% (L )| _e L + L 2l;| (8_65)
e f l,0U
2’g(w'wo) Z+6 N(z )2| : (W-WO)2+§§2L0: ljl
e 84LI . 2 U
e 1%} u

Since R ., = R +R,, the effective dynamic resistance of the free running oscillator is given by

é. |Rt0t| :RN (t) - RLoad] = Ro (8_66)

effective
where R, isthe output resistance; Ry— Rt = 0.
The Q of the resonator circuit is expressed as

w L
Q =— 8-67)
R, (

The oscillator output noise power interms of Q is given by

é U

e g

2 2 e u

Pnoise(f): 02 —|q é 1 > + 1 ZL:J

ARGy B OB & 94
Sw-w,) - W-W,)° + T

& §4QL 7 $2R\ (OP, 5 gQL 2R (t)ﬂ a

(8-68)
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Figure 8-8 shows the Colpitts oscillator with a series resonator and the small signal AC
equivaent circuit. From the analytica expression of the noise analysis above, the
influence of the circuit components on the phase noise can be explicitly calculated as

1

j(f)f =m|nl(f)|2 (8-69)
= 2y = BB gy
v’ L212(f) aw? L212(1) v L2123 (1)
where the frequency f variesfrom -¥ to +¥ .
The resulting single sideband phase noise is
2
- 4V\|/2NL(2fIZZ|(f) (8-71)

The unknown variables are |eN(f)|28nd 12(f), which need to be determined next. 172(f)

will be transformed into 1.2(f) by multiplying 1Z(t) with the effective current gain
Y21+/Y11+ = b+.

L
AAAA
VVVYV

C— lo(t) Rio
O

— G

en(t)

Figure 8-8 Colpitts oscillator with series resonator and small signal AC equivalent circuit.
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Calculation of 12 (f)

From Figure 8-8, the LC-series resonant circuit is in shunt between the base and the
emitter with the capacitive negative conductance portion of the transistor. We now
introduce a collector load R o at the output, or better yet, an impedance Z.

The oscillator base current i(t) is

i(t) =|l,|cosiwt) = bC(t) (8-72)
and the collector current is
ol = — el Ve or (873
Load : I:eLoad :
N @ N @
i a i u
! V2(f) : ! VZ(f) :::
o(f>»1 =y =1 = (8-74)
& T Téw u 0 )
1 [RLoa ]2 + = & L-
% ’ N D b %SQ H gW WCIN ﬂ b

The voltage V. is the RF voltage across the collector-emitter terminals of the transistor.
Considering the steady-state oscillation w® wy, the total loss resistance is compensated
by the negative resistance of the active device as R =R (t). The expression of

15 (f)

W=Wq

2
W=w, = R = 7 VOE( f ) “ (8'75)

15(F) ;
€1

0L2é—2+a_eL

(w )éQ g

1 oY
T u
WoLclNﬂH
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Ve ()

é
R
aQ wgL CC,

lo(f)

(8-76)

w=w,

SEENeTY
[aoxy eny ey

whereC,,, is the equivalent capacitance of the negative resistor portion of the oscillator
circuit.

- L o =S5 (8-77)
C+C, C +GC,
w L
o="% (8-78)
R
For a reasonably high Q resonator |1 5 (1)}, 1 [Ciy u-u,

Calculation of the Noise Voltage e, (f)

The equivaent noise voltage from the negative resistance portion of the oscillator circuit
IS given an open-circuit noise voltage [EMF] of the circuit as shown in Figure 8-9 below.

eyplt)
—
— 4
e | | > 'RN{T};-:_
Rhad CI'N J_
- : .
[ ]

Figure 8-9 Equivalent representation of negative resistance portion of the circuit at the input for the open
circuit noise voltage.

The noise voltage associated with the resonator loss resistance Rs is
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wow, = AKTBR, (8-79)

Rs denotes the equivalent series loss resistor, which can be calculated from the parallel
loading resistor R , See Figure 8-9.

4 = 4KTR for B = 1 Hz bandwidth (8-80)

The total noise voltage power within 1 Hz bandwidth can be given as

wew, = € (1) + €8 (T) (8-81)

After some lengthy calculations and adding shot noise, flicker noise, the loss resistor, and
adrive level dependent current gain, we obtain

Ki 1"
4ql o9, + 9n
= [4kTR] + € W (8-82)

C:.u
aw JCZ(w 2(b*)°CZ + 92 =2) ¢
é Ci i

> (D> D
NCNC/

where

Iéc,
éc_

H+r—\+
C>CC
C>CC

O
Il
(9£°-<

[YZI] é—uq redefined
e 2 U

The values of p and q depend upon the drive level.
o
Dw

where K; is the flicker noise coefficient and AF is the flicker noise exponent. Thisis
valid only for the bipolar transistor. For an FET, the equivalent currents have to be used.

The flicker noise contribution in Eq. (8-82) is introduced by adding term in 1,

The first term in the expression above is related to the thermal noise due to the loss
resistance of the resonator tank and the second term is related to the shot noise and flicker
noise in the transistor.
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Now, the phase noise of the oscillator can be expressed as

V 2(W)‘ =4WZZ‘GE+(IWZ)JN) (8-83)
| =3 0 %V'V)‘(W) (8-84)

! € I Uil )Zgi+ 1 GG ol
e o & o an Be g & wiLl G, g
j 70)sa= RIS . Ci &8 N Z W) ;
| A iy
T S :
8 i
(8-85)
é é 2 fl;AF 2 ll:J
9 e 4q|cgm + Onm L:l',j A 2 pné "Zl:l
Ko#S U e st g 1 ooy
& awiCiwibh)Ci+gl M V=ugY & Wl GG gy
é é Cl
(8-86)
Considering &+ S17C2 9501 for w, = 2p f =6.28E9Hz, L = 1E-9F, G, = 1E-12F,
WO ClCZ ﬁ
C2=1E-12F
e C,+C,0
T 2ro507
L CC, 5

Since the phase noise is adways expressed in dBc/Hz, we now calculate, after
simplification of Eq. (8-86),

O TP
re & 4ql.gl+ g2 W, . ..
£(w) =10Log | &KTR + & @ Wo Ul  [C +C,J° u| ( 87)
o0 gt é 2 o S 2 2 U 2w 2 W
is e 20 2 » Co W adw Vg ueQ C1C o L
1% éWO (Wo(b )C +gm—2)g;|
| e

1 Wd b
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For the bias condition (which is determined from the output power requirement), the
loaded quality factor, and the device parameters [transconductance andb * ], the best

phase noise can be found by differentiating L 2(w)‘38B with respect to &.
2

Considering that al the parameters of “ Z(W)‘SSB are constants for a given operating

condition (except the feedback capacitor), the minimum value of the phase noise can be
determined for any fixed value of C,; as

F Z(W)‘ _ gk .\ K, UéC, +C, Uf (889
é ° k2C12C22 +k3C22 Hg C,C, H
kTR
% = wIAE (5-89)
0 ce
AF
Al o9 +Kf—bgé
o= WZWZLX\V/ 2 (8-90)
0 ce
k, =wg (b*)’ (8-91)
ks =05, (8-92)

Where ki, ko, and ks, are constant only for a particular drive level, with y = % . Making
2

k, and ks also dependent ony, asthe drive level changes, the final noise equation is

o Sk, eYn“ Uy ; ;
éé ¢ e 11 u 1 (lle[l+ y]2 Lu
£(w)=10" g“ o +C l J e :g(y o e (@ (8-93)
€ g Yol Ly Q{Je W
eé - a
& & o d a
where
KR
© wiwlLA2
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AF
f'b 2

Om

ql g2 +

kl_ W2W§|—2Vc§ k2 :Wg(b+)2

Figure 8-10 shows the ssimulated phase noise and its minimum for two values of C,, 2pF
and 5pF. 5pF provides a better phase noise and a flatter response. For larger C,, the
oscillator will cease to oscillate.

Resonance Frequency @ 1 GHz
Phase Noise @ 10 kHz

dBc/Hz -80 ]
-85 J
-90 C1=2pF - /
8 a5t ’{ /
E 100 / i R
2 - —
©  .106 B s
= —] —
P B e B i bpi.,[.. —_
1
115 [ S—E— .
1200+ rrtrrrrfrrrr T T e T
1.0 1.5 20 25 30 35 4.0
n
dBm 15 I——-— e P R e el e
|
I —ee— e & ———
= —— 2
w13 Cl=2pF | _ﬂ.B
@
3 N
o 12 — | \
1 — l
L1 e o o o e e e e B e T T 1

13 18 23 28 3.3 38

n

Figure 8-10 Phase noise vs. n and output power.
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1€ @ eyii 1,0 u G
1 :g gkskl ey [y]zp%e £Q1+ y]zl]':'

: e'uu - .
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y e ¢ lY21]3[y]3q ;g( y'+k) e y U

i@ + / |

18 ¢ o i -
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From curvefitting attempts, the following values for g and p in Eg. 8-94 were
determined:

g=1tol.1,p=13to 1l.6.

g and p are a function of the normalized drive level x and need to be determined
experimentaly.

The transformation factor n is defined as

n:1+%®1+y (8-95)

2

The following plot in Figure 8-11 shows the predicted phase noise resulting from
Eq. (8-94). For thefirst time, the flicker corner frequency was properly implemented and
gives answers consistent with the measurements. In the following section al the noise
sources will be added, but the key contributors are still the resonator noise and the flicker
noise. The Shottky noise dominates further out. The break point for the flicker noise can
be clearly seen.

Phase Noise

-40

+— 31=2pF, n=1.5

-100 | E ‘R‘“M

-120 - i —

Phase Noise

-140 | : - B

-160 -

-180 — - -
100 Hz 1000 Hz 10 kHz 100 kHz 1MHz

Offset Frequency From Carrier

Figure 8-11 Using Eq. (8-94), the phase noise for different values of n for constant C, can be calculated.
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Summary Results

The analysis of the oscillator in the time domain has given us a design criteria to find the

optimum value of vy =% with values for y + 1 or n ranging from 1.5 to 4. For values
2

above 3.5, the power is reduced significantly.
Consistent with the previous chapters, we note

C,=C, =X(C,orlL,) (8-96)

X(C,orL,)® C,orL, (8-97)

In the case of alarge value of Cp (Cp>C,), X; has to be inductive to compensate extra
contributions of the device package capacitance to meet the desired value of C,!

The following is a set of design guides to calculate the parameters of the oscillator.

I 1

W = - (8-98)
Le C.C, CL'J
&, +C, &
Y,
R, (L, =0 8-99

= —_ - I

C, is best be determined graphically from the noise plot.

Ce > WCC)L Wl ) ; (8-101)
HIYAC, - WC,.C) A+ WYAL)(C, + C, +Cl
Sl 6 WC.C,) : (8-102)

3(C
10 ~lee” §YZC, - WC,C))(E, + C, +C Il

The phase noise in dBc/Hz is shown as
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€ @ gyl u y
gg gkgk@?z*lg LI :ae 1 %é[1+ y]? uﬁ
£(W) =10' |Og§ék0 + (; e+ 131 u - : " k :l:lé = L'p (8'103)
2 Vol 00 +ge v
ée + a a
ge e 7] u 0]

The phase noise improves with the square of the loaded Q! 10% higher Q® 20% better
phase noise!

(8-104)

The loaded Q of the resonator determines the minimum possible level of the oscillator
phase noise for given bias voltage and oscillator frequency.

To achieve close to this minimum phase noise level set by the loaded Q. of the resonator,
the optimum (rather, how large the vaue of the C,y can be) value of C,y isto be fixed.

To achieve the best possible phase noise level, the feedback capacitors C; and C, should
be made as large as possible, but still generate sufficient negative resistance for
sustaining steady-state oscillation.

1 1 "
-R veres ————, (no parasitics 8-105
[ N]negatlver&slstanoe p' WS Clcz ( p ) ( )

The negative resistance of the oscillator circuit is inversely proportional to the feedback
capacitors. Therefore, the limit of the feedback capacitor value is determined by the
minimum negative resistance for aloop gain greater than unity.

From the phase noise equation discussed, the feedback capacitor C, has more influence
compared to C;. The drive level and conduction angle of the Colpitts oscillator circuit is
a strong function of C,.

The time domain approach has provided us with the design guide for the key components
of the oscillator; however, it did not include all the noise sources of the transistor. By
using the starting parameters, such as C; and C, and the bias point, as well as the
information about the resonator and the transistor, a complete noise model/analysis will
be shown in Section 8.5.
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8.5 Phase Noise Analysis Based on the Feedback M odel

Up to here we have caculated both the large-signal drive condition, as well as the
optimum choice of the feedback capacitance. Now, we are going to consider the
oscillator as a feedback loop with a noisy transistor, looking at all typical noise
contributions. Based on a fixed set of values of C; and C,, we can now calculate the

accurate phase-noise behavior of the oscillator and analyze the various noise
contributions.

First, the noisy bipolar transistor will be introduced. Figure 8-12 shows the familiar

hybrid-p transistor circuit and Figure 8-13 shows the equivalent circuit with the relevant
noise sources included.

Io Coc
_ | | ] C
B A |
Vv, gb,e::Cb'e @ |::| Fee
gmVy
E A 4 E

Zg Vsn My Vbn ' Chc

~)| source @) | | T @ D o (@)ic,

Gve 9mV1

Figure 8-13 Hybrid-P configuration of the grounded bipolar transistor with noise sources.
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The mean square value of the noise generators in Figure 8-13, in a narrow frequency

offset Df, are given by

i2 =2ql,Df

i2 =2ql Df

iZ =20l

con

Df

cob

V2 = 4KTR Df

v2 = 4KTR,DF

where Iy, |, and |, are average DC currents over the Df noise bandwidth.

The noise power spectral densities due to these noise sources are

S(i,,) == =2ql, = 2KTg,,

2
Df

T 2KTg,.

S(lbn):§:2qlb: bg
K. |

S(if)=——

f

2

Vi, :
S(v,,) = [;f = 4KTr,

v
S(va) = o =4KTR,

(8-106)
(8-107)
(8-108)
(8-109)

(8-110)

(8-111)

(8-112)

(8-113)

(8-114)

(8-115)

where r, and R; are base and source resistance and Z; is the complex source impedance.

Figure 8-14 shows the feedback arrangement for the Colpitts oscillator with the noise

sources.
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2-Port representation of bipolar transistor

ICOf'I
g | c
[
@ | T@l] e
Obe OmV1 o ce i
e
Ce —0rmMm Ceo
R T

0
o C,= %RE

2-port representation of feedback-Network

Figure 8-14 Feedback arrangement for the Colpitts oscillator with the noise sources.

The transistor is acting like a gain block. The feedback network includes the load
conductance and a small part of the output signal goes to the input of the bipolar

transistor through the resonant circuit. The ABCD chain matrix will be used for the
analysis.

Figure 815 shows the linear representation of the Colpitts oscillator with the input white
noise source i, (W).
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I

i@ | v, | [ABCD] GV | Vs

Feedback-Network

Figure 815 Linear representation of feedback Colpitts oscillator with input white noise source i, (w).
This is not consistent with Figure 8-14, but useful because all non-active components are now in the

feedback network.

The input noise power spectral density can be given as

s = 8-116
. (8-116)
where
2l S 2Lz L oC i i
Il = a lni| = {Tna| T {Tn2| T {Ing|seeeeeees + ii[lniln(i+1)] (8-117)
i=1
and C; is the noise correlation coefficient.
The [ABCD] matrix of above oscillator circuit can be given as
% . oy
(A]=1+ .1 N JV\QL e C+—$
gJWCc 1- woL,C, é
1 1 jwl, & e 1 o
B] = wC, +— 0
[B= jwCc, éjwc 1- WLC EJ 2 EngCcz%
L, ol
[C]:jWC1+§WC2+i2?1 e g 1 jw =
Re % jwC, 1 w Lcow
, & @1 jwL, ooae lée 1 &0
[D] = + &1+ jw C, G + jWC2+ —‘u (8—118A)
A éjwcc 1- w?L,C, g g éjWCG
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é\/u éA Bu eVu

g: D"J g_ l,<l (8-118B)
V, = AV, - Bl, (8-119)
I, =CV,- DI, (8-120)
n = %3 -4 (8-121)
él.g,, C
where
I, =i, (8-122)
l,=-9.V, (8-123)
The equivalent input noise voltage due to the input noise current, 1, =i, IS
v.w)=1,Z, = |l§%§I . eAmﬂ i ZQEW;S (8-124)

The input noise voltage v, (w)will produce two narrowband (1 Hz) uncorrelated
components in the frequency domain located at w-wp and w+wg as [v, (w)] and

W=w,- Dw
[Vn (W) ]W:W0+DW )

In presence of the two uncorrelated components of the input noise voltage, [vn (w)]
and [v,(W)],,..0n» the pesk carrier signal of amplitude V. at frequency w = wy is
modulated with ainput phase noise signa S, (w) .

w=w,- Dw

The input phase noise spectral density at an offset of Dw is

[+ v, )]
VZ (W)

P

WWODN‘

Sy, (Dw) = (8-125)
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2[v, (W)

vV, (w)

c

@] lwf] [Fw

S, (Dw) = =2
VW) VEw)| [CPw)
i2|=S,Df
il =s,
A w)
S, . (Dw) =2, Sn_
VW) [C2w)

where S, and S, are the input noise power and phase noise spectral density.

Based on [70, 83]

€ zw, ¢ U
Sy, W)= Sy, W)aL+—E% 2
(W ) ZQLIZ!H

QL (w=w,) :V%

N
dw

The open loop gainis

€ g, u
Goen(W:W):'é—ml]
’ ” &g

€ g,
CgIm
&Cwy)

For sustained oscillation G, (w =w,) =1.

open

(8-126)

(8-127)

(8-128)

(8-129)

(8-130)

(8-131)

(8-132)

(8-133)

Ezlb C(w), -, ISreal and negative.
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C(WO) = CReaI (WO) + jCImag(WO)

Clmag (wy) =0

CReal (WO) =-0On

édj u

1

édCI mag (W) l}'

A— » -
de HNZ\NO CReaI (WO) g dW HN=WO

W, | dj
QW=7 g,
S
2 CRea.l (Wo)e dw w=w,

Sy, (DW) = S, (Dw)g

Sy, (Dw) =2

D:D> D ('LCD) D> D
—+

1

.2
u

u
CRea.l (WO ) l:l

D> D> D

S, A (w)

u

u

u

A (] u

(D\Nz) %Clmag (W) 93 U
Al - u

u

dw A, !

A (o)

V2

()| |C* ()

.2
u

u
CRea.l (WO) l:l

D> D> (D

Sy, (Dw) =2—=

Ve (W)

C*(w,)

(DNZ) gﬂclmag (W) 98
& o G,

D:D> (D> %CD) D> (D~
+
e/ el anly any anly anly eng

We now perform the noise analysis of the Colpitts oscillator.

(8-134)
(8-135)

(8-136)

(8-137)

(8-138)

(8-139)

(8-140)

(8-141)

(8-142)
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Individual Contribution of all Four Noise Sour ces

The following contribute to the noise of the oscillator:

thermal noise associated with the loss resistance of the resonator
therma noise associated with the base resistance of the transistor
shot noise associated with the base bias current, and
shot noise associated with the collector bias current.

If we now use the oscillator circuit with anoisy resonator, we can calculate the total noise
of the oscillator as shown in Figure 8-16.

v [ABCD]
I bn
Vo Cc B b b C
|
| Noise-Free ‘
2-Port ? e

G = Bipolar
T Al Rp \é —g E
Inr
C —

Figure 8-16 The oscillator circuit with 2-port [ABCD] matrix, consistent with the approach of Figure 8-15.

J
5
(0]
®
—>

[ |
|
O

Noise Shaping Function of the Resonator

For phase noise analysis, the oscillator is considered as a feedback system and a noise
source is present in the input as shown in the Figure 8-17.
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X({w)
(D—  Hw > Vi(w)
Noise x-
Ha(w) < '
Y(w) Non-unity gain feedback oscillator
X(jw)
+ .
| H(w) > ,
Noise 3= YW

Unity gain feedback oscillator

Figure 8-17 Feedback oscillator with noise source.

Oscillator output phase noise is a function of

the amount of the source noise present at the input of the oscillator circuit, and
how much the feedback system rejects or amplifies various noise components.

The unity-gain system closed loop transfer function is

_Y(w) _ H(jw)

[TF(JW)]cIo%d—Ioop - X(jW) - 1+ H (jW) (8'143)
[HGw)]  =-1 (8-144)

For frequencies close to w = Dw +w,, the open loop transfer function is
[} > gH (i) + DI (8-145)
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The noise transfer function is

€& o dH (jw) o
eY(jur+ D b€ Hwo)+Dw=g ™ a
eX(jw+ jDw)g §L+H(jwo)+Dw—J 1]
e dw @
. o : dH (jw) .
Since H(jw,) = -1 and for most practical case Dwd—<<1, we can write
W
€ u
éY(jw+ jDw)u € -1 u
g g 0% . 8-147
& (jw+ jow)l” & dH () | (8-147)
e dw @

From the noise transfer function it appears that the noise component at w =Dw +w,,iS

é u

multiplied by the term eﬁ“’ relative to the output.
eDw ——=Uu
e dw @

The broadband white noise is shaped by the resonator as seen in Figure 8-18.

f f f fo f
Figure 8-18 Noise shaping in the oscillator.

Therefore, the noise power spectral density can be explained as

2
|Y(jW+jDW)|2 ‘ -1 8-148
X (jw + jDw)| ‘D”de(JW) (449
\W
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for H(jw) = A(jw)exp[ jf (jw)] (8-149)

T = G ¢ ) S (ju) (8-150)
dw & dw dw

Assume w =Dw +w,, w ®w,and |A(jw,)|® 1 then the above equation is reduced to

e u
¢ 4
|Y(]W + jDW)| g 1 3 (8-151)
| X (jw + jDw)]| é(DW) I1edA(Jw)u édf (jW)U g
S 0o
g 8 dW H 8 dW U ZHW:DW+WO
The open loop Q. becomes
dA(iW)U” , edf (jw)ir
=20 - 8-152
=5 \/8 dw § & aw H (8-152)
and
e u
v ( )|’ : 1 ; 1
Y(jw + jDw)| _é u _ ew, o
X iow)| "8 o (uope aor g O
W= e(DN)zIedA(JW)U Lédf (jw)u g
= a v
g 8 d H S dW d gaN:Dvao
For the LC resonator Muaﬁ resonance (w ®w ) becomes zero and Q, —Vﬁdj—.
g8 dw H 2 dw

Non-Unity Gain
For the non-unity gain feedback case where
H(jw) =H,(jw)H,(jw)  (Eq. 8-1)

it follows that
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e
€Y (jw + jDw) U e -1 d

e————— 8-154
EX(W+ DM Y, o 6oy IHOW 4 (8154
e dw @
and
Yl(JW) = Hl(JWO) (8_155)
X(jw) 1+H(jw,)
then the noise power is shaped by the transfer function as
. . 2 . 2
Y, (jw + jow)|” _ [H(iw) (8-156)
X (iw + iDW . 2
| X (jw + jDw)| (o AHGW)
dw
For the lossy RLC resonator see Figure 8-19.
A
L
<< 1
— C |
. Re == T
ROICO N == Vo )
Ry Ry
\
Figure 8-19 Noise response of the RLC resonator.
Then,
év . (w,+Dw)u e 1 uww, 10
H(w, + Dw) = g2£> 0 ’ =& e A ’ (8-157)
° g In(WO + D‘N) HN=DN+W0 ggresonator lGISIJN @QL H
O esonator — i (8_158)
R,

where R, is the equivalent |oss resistance of the resonator.
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Noise Transfer Function and Spectral Densities

The noise transfer function for the relevant sourcesiis:

1e 1 Usw, Ug

NFT
|nr(W0) 2§2 WC $MH

noise transfer function of the thermal 10ss resistance of the resonator.

éC, +C,
NFT,, (p) =5 60 2 T retod
e 2 ue JQHSDWU

noise transfer function of the transistor’ s base res stance noise.

1é C, ue 1 erou

NFT, (W) =+
2 eC +C, £21W0chﬁ QGDW u

noise transfer function of the transistor’s base current flicker noise.

1e cC, ¥ 1 UeW Y
C +C, l’JE.ZJWOQCeﬁ geDWu

NFT,,, (W,) =

noise transfer function of the transistor’ s flicker noise.

16 ¢, ® 1 Uwu
28, +C, 2jw,ac,, peow]

NFT, (w,)=

noise transfer function of the collector current shot noise.

where

C,+C,
and

Vo (Wo) =NV, (W)

(8-159)

(8-160)

(8-161)

(8-162)

(8-163)

(8-164)

(8-165)

146



NFT,, (w,),NFT, W,),NFT,_ (w,)and NFT,_ (w,) are the noise transfer functions as
explained.

Figure 816 showed the four noise sources of the oscillator circuit whereby the flicker

IAF
f'b

noise current is added to the base current and their noise spectral density is

m

[NSD],, :4R£® noise spectral density of the therma noise current from the loss

P
resistance of the resonator.

[NSD],,,, =4KTr,® noise spectral density of the therma noise voltage from the base
resistance.

[ND],,, =29!,® noise spectral density of the shot noise current from the base current.

K127 : : : :
[NSD],, = ff ® _® Noise spectral density due to 1/f- flicker noise.
[ND],,, =291 . ® noise spectral density of the shot noise current from the collector
current.

The phase noise contribution now is:

PN (WO + D\N) = [ NS:)] noise source[NFTnoise source (WO )]2 (8-166)
PN, (1, + D) = L [NF, ()] (8-167)
P
PN, (W, + Dw) = 4KTr, [NF,,,, (W,)]’ (8-168)
PNy, (W, + Dw) = 241 5 [NF,,, (W,)]? (8-169)
Kf I I:')AF 2
PNy, (W, + Dw) = [NF,,, (w,)] (8-170)
PN, (W, + DW) =241 [NF,, (w,)]? (8-171)
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where PN(w, + Dw)is the phase noise at the offset frequency Dw from the carrier
frequency w, and [NSD], .« e IS the noise spectral density of the noise sources. The
phase noise contribution is

1 Ww, uP
2jw,Ce @Dwub

4KT [NFTinr (WO)]2 4KT I
R, R

contribution from the resonator tank.

(W, +Dw) = ® phase noise

|nr

16
25

éC,

i1 C,Ué 1 uéw
PN,y (W, + DW) = 4KTr, [NFT,,,, (w,)] =4KTr, 5 o % 1 vew, o
128

+
c, iQowl)

&y ® phasenoise

contribution from the base resistance.

TleC ugé 1 erdJ

PN, (w, + Dw) =2ql ,|NFT,,,(w,)|” =2ql ® phase noise
bn Wo b[ b o] 12eC Czu@JWoQC &D\NL’N

contribution from the base current.

K, 1% K1} T
g+ o) =< g, g =K 1IE U 1 Gewod
f f, 128, +C,H8i2w,QC, ESDNub

noise contribution from the flicker noise of the transistor.

|fn

, R .2
j1é c, 09 1 Udw, (!
128C, +C,Hg2jw,QC, ESDW"‘N
noise contribution from the collector current.

PN,q, (W, + Dw) = 2q1  [NFT, (W,)]* =20l ® phase

The total effect of all the four noise sources can be expressed as

PN(w, + Dw) =[PN,, (W, +W)] +[PNyy, (Wo +W)] +[PNyy, (Wo +W)] +[PNig, (Wy +w)

(8-172)

inr icn

L . .2
P A | i
4KT11e 1 l,JewOL,ﬂ,J +4KT|DI1eC +C, uel Uéw, (U

PN, +Dw) =2 L f=g =
° Re §262)W,Cq &mub 28 ¢, 21Qt§mv%

2pKIAFUTle C, ug’z 1 UeWo, j1é C, ue 1 erouP
Dv i 2 &C, + C, lgi2Qw,C, gSDW% °}2ec +C, &2 jw,QC,, gEDw
(8-173)

Iy +

+
™ (R>)CD~
o)
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where
K: = Flicker noise constant
AF = Flicker noise exponent.

GG,

C,=C+
o C, +C,

(8-174)

Note: The effect of the loading of the Q of the resonator is calculated by the noise
transfer function multiplied with the noise sources.

The phase noise contribution from the different noise sources for the paralel tuned
Colpitts oscillator circuit a Dw =10kHz.2p from the oscillator frequency
w, = 1000 MHz .2p will now be computed:

Circuit parameters:

Base resistance of transistor r, = 6.14 ohm.

Parallel loss resistance of the resonator R> = 12000 ohm.
Q of the resonator = 380

Resonator inductance = 5nH

Resonator capacitance = 4.7pF

Collector current of the transistor 1. = 28mA

Base current of the transistor I, = 250uA.

Flicker noise exponent AF = 2

Flicker noise constant K¢ = 1E-7

Feedback factor n = 2.5.
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Phase noise @ 10 KHz
PN,,, (W, +10KHz) » - 125dBc/ Hz
PN, (W, +10KHz) » - 148dBc/ Hz
PN ity W, +10KH2) » - 125dBc/ Hz

PN, (W, +10KHz) » - 142dBc/ Hz
Note: The noise contribution from the resonator at this offset is the same as the flicker
noise contribution from the transistor. For low-Q cases, this can be identified as the
flicker corner frequency.
Phase noise @ 100Hz:

PN, (w, +100Hz) » - 85dBc/ Hz

PNy, (W, +100Hz) » - 108dBc/ Hz

PN ipn-im) (Wo +100HZ) » - 68dBc/ Hz

PN, (W, +100Hz) » - 102dBc/ Hz

It appears that the flicker noise and the noise from the resonator are the limiting factors
for the overall phase noise performance of the oscillator circuit.

The dependence of the phase noise performance due to different noise sources present in
the oscillator circuits are

PN, (W, + D)t — (8-175)
Ry
i1é C il
PNy, (Wo + DW) 1= 1y [ L+ —- (8-176)
iQe GCop
N . ¢ o
PN, (W, + Dw) pt Ib} L e~ (8-177)

TQCeﬁ gcl +C, u
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N L2
I 1 é C w
PN. +Dw)p=1 & ] 8-178
icn (WO ) H c+ QCeff gcl + Cg 0 ( )

Once the resonator Q is known (parallel loss resistance is fixed) then the only option left
Isto select adevice having alow flicker noise. The base resistance, current, and collector
current add little to the performance! Finaly, optimization of the phase noise can be
done by proper selection of the feedback capacitor under the constraints of the loop gain
so that it maintains oscillation.

The combined phase noise, a result of al the noise contributions, depends on the
semiconductor, the resonator losses, and the feedback capacitors. Figure 8-20 shows the
simulated phase noise for a given set of semiconductor parameters and various levels of
n. While the valuesfor n = 1.5 and 2 provide similar results and converge for frequencies
more than 1 MHz off the carrier, the results for n = 3 aso provides a much noisier
condition, even at far-out frequencies. The reason is the reduced output power and a
heavier loading of the resonator.

0.00-——

) 1=5pF, C2=2.6pF, n=3
@
=
A -100.00
I
L
z C1=5pF, C2=5pF, n=2

-150.00

100E02  1.00E03  100E04 1.00E05 1.00E06  1.00E07  1.00E08

FDev [Hz]

Figure 8-20 Phase noise as a function of feedback factor n.

The next section shows a variety of test circuits, which were built and measured to
validate the theory shown here.
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9 Validation Circuits

Section 7 developed the mathematical background for optimizing microwave oscillators.
The next step isto validate the synthesis of the circuits. The following circuits have been
chosen for validation:

1000 MHz bipolar transistor-based oscillator with ceramic resonator.
4100 MHz bipolar transistor-based oscillator with transmission line
resonators.

2000 MHz GaAs FET -based oscillator with transmission line resonators.

9.1 1000 MHz CRO

Many applications require a very low noise microwave oscillator in the 1000 MHz
region, and this is best accomplished with a ceramic resonator. An operating Q in the
vicinity of 500 is available in this material. An oscillator using an NEC NE68830
transistor has been selected because of its superior flicker noise. The Colpitts oscillator
uses an 8.2 Wresistor between the emitter and the capacitive feedback. Rather than take
the RF signal at the collector, it is taken from atap of the emitter inductor. The collector
circuit, using PNP transistors, has been designed to set the DC current. The necessary
equations for this DC bias are found in [88].

Class-A common-emitter amplifiers are usually very sensitive to stray impedance in the
emitter circuit. Any small inductance in series with the emitter will cause instability; for
this reason, the emitter needs to be grounded as directly as possible, and bias components
in the emitter are generally undesirable. In the schematic in Figure 91, Q; isthe RF
amplifier, and Q. providesits base current required for constant voltage difference across
R.. This constant voltage difference then ensures constant collector current.

Diode D; provides some measure of temperature compensation. R, should be high in
order not to affect base impedance, but not so high to cause Q, to saturate over
temperature and b, variations. Neglecting the base current of Q,, the design equations
are

|c :M (9-1)
R.(R+R,)
V,=A"- IR (9-2)
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Figure 9-1 Active bias network for a common-emitter RF amplifier stage.

Assuming that we are designing the bias circuit to provide a certain device bias current I
and collector voltage V., select a convenient supply voltage A" > V.. The component
values are then supplied by the following equations:

A" -V
R =8 e (©3)
A" -V
R =5 (9-4)
d
R, =T s (95)
d
V.- V,- 02

(9-6)

| = desired collector current of Q; (A)

V.= desired collector voltage of Q; (V)

Vy = diode, or base-emitter voltage drop, nominaly 0.7 (V)
A" = chosen supply voltage (V)

R = resistor values as shown in Figure 9-1 (W)
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l4 = bias current through Ry, R,, and D; (A)

Bmin— Minimum beta of Q,

The bias circuit shown has to be carefully bypassed at both high and low frequencies.
There is one inversion from base to collector of Q;, and another inverson may be
introduced by L. matching components and stray capacitances, resulting in positive
feedback around the loop at low frequencies. Low ESR eectrolytic or tantalum
capacitors from the collector of Q,to ground is usually adequate to ensure stability.

The ceramic resonator is coupled loosely to the transistor with a capacitor of 0.9pF. The
resonator has a parallel capacitor of 0.6pF, which reduces the manufacturing tol erances of
the resonator. The tuning diode assembly, two diodes in pardlé, is coupled to the
resonator with 0.8pF. The reason for using two diodes was that there was not one single
diode available with the necessary capacitance and Q. Figure 9-2 shows the schematic of
the oscillator.

10BAMHz _Ceramic_Resonatar_Uscil lator

OUTFUT

= ]

[ 2=

Figure 9-2 1000 MHz ceramic resonator oscillator.

It has been pointed out that the best operating condition will be the case where the most
negative resistance occurs at the point of resonance to achieve the best phase noise. This
Is shown in Figure 9-3. The purple-colored curve starting below zero shows the
imaginary current which resonates at 1000 MHz, while the green-colored curve shows
the negative resistance. |ts maximum negative peak occurs at exactly 1000 MHz, as it
should be.
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Figure 9-3 Plot of the real and imaginary oscillator currents as a function of frequency.

Figure 94 shows the measured phase noise of this oscillator. The measurements were
performed with the Aeroflex Euro Test system. At 1kHz the phase noise is
approximately 95 dBc/Hz and at 10 kHz it is approximately 124 dBc/Hz. This is a
30 dB/decade dlope, which is triggered by the flicker corner frequency of the transistor.
From 10 kHz to 100 kHz, the slope is 20 dB/decade with a phase noise of —145.2 dBc/Hz
at 100 kHz. At 1 MHz off the carrier, it is—160 dBc/Hz.
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Figure 9-4 Measured phase noise of the 1000 MHz ceramic resonator oscillator.

Because of the narrow tuning range and the loose coupling of the tuning diode, the noise
contribution of the diode is negligible.

This circuit has been designed using the synthesis procedure and also has been analyzed
with the harmonic-balance simulator Microwave Harmonica from Ansoft Corporation.
Figure 9-5 shows the predicted performance of the phase noise. The actual circuit
arrangement is shown in Figure 9-6. The ceramic resonator can be spotted easily.
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Figure 9-5 Predicted phase noise of the CRO at 1 GHz shown in Figure 9-2.

Figure 9-6 Photograph of the 1 GHZ CRO of the schematic shown in Figure 9-2.
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9.2 4100 MHz Oscillator with Transmission Line Resonators

For less demanding applications, it is possible to design oscillators using transmission
line resonators. Transmission line resonators were discussed in Section 5. Their Q
depends on the material and implementation of the resonator. Figure 9-7 shows the
circuit of the oscillator. While the previous example was a Colpitts parallel resonant
circuit, this circuit operates in series resonant mode. The NPN transistor NE68830 has
parasitic inductance in the emitter, base, and collector lines. For the purpose of accurate
modeling, TEE and cross-junction models were used, as well as transmission lines where
applicable. The DC stahilization circuit uses the same technique as shown in Figure 9-2.
This time the RF power is taken from the collector and uses a 10 dB attenuator to
minimize frequency pulling. The ground connections for the capacitors are done using
viaholes. A viaholeisthe electrical equivalent of a small inductor.

410PMHz Ozcil lator

| [o=r

OUTPUT

= [ |e=e

}ﬂ
)
=

3k

i
a

Figure 9-7 Circuit diagram of the 4.1 GHz oscillator.

The phase noise of this oscillator was simulated using the values of the synthesis
program. Figure 9-8 shows the predicted phase noise.
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Figure 9-8 Predicted phase noise of the 4.1 GHz oscillator.

The output power of this oscillator is 6.8 dBm. This oscillator was built and measured.
Figure 9-9 shows the printed circuit board of the oscillator.
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Figure 9-9 Printed circuit board of the 4.1 GHz oscillator shown in Figure 9-8.

Because of the pad-like microstrips, the smulation needs to be done very carefully, and
the soldering of the component is also very critical. This frequency range makes the
assembly very difficult because it is not high enough for an RFIC and still needs to be
done on a printed circuit board. The measured phase noise is shown in Figure 9-10. It
agrees well with the predicted phase noise. At 100 kHz the differenceisabout 3 dB. The
same is valid at 10 kHz. At 1kHz there is a larger difference. The flicker corner
frequency of the actual device is different than the simulation.
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Figure 9-10 Measured phase noise of the 4.1 GHz oscillator.

9.3 2000 MHz GaAs FET-Based Oscillator

Low cost applications are frequently implemented as an RFIC. For further validation, a
GaAs FET-based 2000 MHz Coalpitts oscillator was designed and built. Figure 9-11
shows the circuit diagram of the oscillator. It uses a combination of transmission lines
and rectangular inductors as resonators. The inductor in the middle of the schematic in
Figure 9-11, connected to a via hole, is needed as a DC return. If a tuning diode is
connected to the capacitor on the left of the schematic in Figure 9-11, then a DC control
voltage can be applied, and the center inductor becomes and RF choke. The output is
taken from the source. An additional external DC decoupling capacitor will be needed
because of the DC coupling. The transistor and the circuit were constructed using the
TriQuint GaAs Foundry and the transistor was optimized for the DC current. Figure 9-12
shows the predicted phase noise of this oscillator.
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Figure 9-11 Circuit diagram of the 2 GHz GaAs FET oscillator.
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Figure 9-12 Predicted phase noise of the oscillator shown in Figure 9-11. The measured values were
100 dBc/Hz at 100 kHz and 120 dBc/Hz at 1 MHz. There is a deviation of about 2 dB compared to
simulation.

It is interesting to examine the load line of this oscillator, which is shown in Figure 9-13.
This circuit is operated in afairly linear range.
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Figure 9-13 Shows the DC-1V and the load line for the GaAs FET oscillator.
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Figure 9-14 shows the layout of the 2 GHz GaAs FET oscillator. Its output power is
1.8 dBm.

1,

Figure 9-14 Layout of the 2 GHz GaAs FET oscillator.
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10 Conclusions and Future Possibilities
Conclusions

The purpose of this work was to determine how to design optimal microwave oscillators.
In doing so, some basic oscillator circuits were used rather than voltage controlled
oscillators, as the phase noise of the tuning diode then masks the oscillation noise. Asa
result of thiswork, a set of good design guides and accurate equations were found. They
cover the large-signa operation of the transistor, particularly the drive level for best
output power. It was found that the output power remains constant over a fairly wide
range of drive levels, which shortens the conducting angle of the transistor. A further
reduction of the conducting angle results in large voltage swings and makes the oscillator
very noisy. The following is specific for the Colpitts oscillator, but similar relationships
can be found for al other oscillator configurations. The normalized drive level can be
between 8 to 20 depending upon the application. It was further confirmed that the Q
largely determines the best phase noise for a given device. For medium to low Q values

n= 1+ %) varies between 2 and 4. The absolute value of C; is determined by the loop
2
gain and for safety reasons, aloop gain reserve factor of 2 is recommended.

The Colpitts oscillator shows good phase noise performance up to very high frequencies.
When a wide tuning range is required, the series resonant circuit is typically favored at
the expense of lower phase noise. This is due to the fact that transistor parasitics no
longer allow for obtaining the optimum C, and C, values. Because of these parasitics, it
also may be necessary to replace C, with an inductor to adjust to the needed values.

For wireless applications, pushpull CMOS oscillators are state-of-the-art. Here the
flicker corner frequency and the loaded Q strongly determine the performance. Based on
the push-pull arrangement of a non-Colpitts oscillator, C; and C, are automatically equal.
This means that n=2, and this is not the best phase noise condition. However, recently
published push-pull Colpitts oscillators avoid this problem [119].

Besides finding a repeatable synthesis procedure, a set of analytical equations were
derived that predict the phase noise of the oscillators even in the presence of parasitics.
These equations also consider the loading of the Q based on the oscillator circuit and the
flicker noise. The selection of atransistor for best performance needs to be divided into
two areas. If the parasitics do not play a large role, then it is a good choice to take the
largest device possible. Because of flicker noise, it should be operated at low current and
should have a low flicker-noise contribution. If the device is too high in its operating
frequency, there is typically a penalty in the flicker noise, and parasitics (fingers of the
transistor layout) degrade the noise performance. All the important circuits were built,
measured, and analyzed in Microwave Harmonica. Their design was based on these
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analytic equations. All three approaches showed excellent agreement. At 10 kHz aphase
noise of —124 dBc/Hz were both measured and predicted. The Leeson equation set, the
time-domain approach, and the loop-gain approach, as well as the harmonic-balance
calculation, all agreed within 1 dB of accuracy.

Future Possibilities

Asindicated, the areas of most concern in oscillators are the flicker frequency effects, the
Q, and the phase noise, which is afunction of both, as well as the supply voltage. Asthe
industry migrates to lower voltages, better devices need to be developed which show
good performance at these low voltages. Since most designs are not used as an oscillator
at afixed frequency, but as a voltage-controlled oscillator with a wide tuning range, this
topic needs to be thoroughly analyzed and good solutions need to be found. My
extension to the Leeson formula clearly shows that after a certain tuning sensitivity, the
tuning diode dominates the noise regardless of Q and flicker effects. Possible solutions
here are multi-resonator oscillators, binary-switched capacitances, and inductors to
minimize the influence of the tuning diode. Thiswill be an important area of research.
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11  Abbreviationsand Symbols

Symbol
LTV

NLTV
LTIV
G

Om
an(X)
1n(X)
l¢(t)
l(t)
lcon

Vi total)

Y,

sn

\Y/

n(network)

Yy

Y opt
Frin
R,

[C,]
[C.]
Y cor

Description

Linear time variant

Nonlinear time variant

Linear time invariant

Large-signal transconductance
Small-signal transconductance
Fourier coefficient

Modified Bessel function of order n
Emitter current

Collector current

Collector reverse current

Tota noise voltage

Noise due to source

Noise due to network

Generator admittance

Optimum noise admittance
Minimum achievable noise figure
Noise resistance

Y -parameter noise correlation matrix

ABCD Correlation Matrix

Correlation factor
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E =2ql Df

i2 =2ql Df

i2 =20l ,Df

cob
V2, = 4KTR Df
S(i,.) = 2KTg,,

2KTg,,

S(ibn) = b

S(v,,) = 4KTR,

S(vy,) = 4KTR,

i2 = 4KTg, PDf

gaKT 2 e 0
é — u
C=-j&lde 0
€ iz U
[Idlg]g
P
R
C

Mean sgquare value of noise due to base current
Mean sguare value of noise due to collector current
Mean square value of noise due to reverse collector current

Mean square value of noise voltage due to base resistance

Noise power spectral densities due to collector current

Noise power spectral densities due to base current

Noise power spectral densities due to base resistance

Noise power spectral densities due to source resistance

Mean square value of noise due to drain current

Mean square value of noise due to gate current

FET noise coefficient

FET noise coefficient

FET noise coefficient

0.67 for JFETsand 1.2 for MESFETSs
0.2 for JFETsand 0.4 for MESFETSs

0.4 for JFETs and 0.6-0.9 for MESFETSs
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Zs

e f2
a= é_+_

e
X
(KT/Q)x
2[11(x)/1o(X)]
[120)/11(x)]
j
n

Nopt

- aol’:l_

Complex source impedance

Modified factor

Drive-Level

Drive-Voltage

Fundamental component of current
Second harmonic component of current
Conduction angle

Transformation factor

Optimum transformation ratio
Parallel loss resistance

L oaded quality factor

Center frequency

Flicker corner frequency
Frequency offset

Average power at oscillator output

Oscillator voltage gain

Noise factor

Noise Figure

Ratio of sideband power in a1 Hz bandwidth at f,
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Ee Ex

Xa, X
‘JB’ ‘JH

dXg, dXy

dwio(w)
Ni(w)
Ci(w)
3 )

U (W)

Spq(W)
OF
en(t)

Ru(t)

KT

TF(jw)

Vector of harmonic-baance (HB) errors

Vector of real and imaginary parts of al HB errors
Vector of state variable (SV) harmonics

Vector of forcing terms

Perturbation of the circuit state

Jacobian matrix of the HB errors

Phasor of the pseudo-sinusoidal components
Noise power spectral density

Normalized correlation coefficient

Side-band noise sources
Side-band noise sources

Noise power spectral density

Power spectral density of the input phase error
Peak phase deviation

Noise signal voltage

Time variant negative resistance

Boltzman’s constant (1.38E-23 JK)

41" 10 % at 300 K, (room temperature)
Equivalent noise resistance of tuning diode
Compressed power gain of the loop amplifier

Closed loop transfer function
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Open loop transfer function

PM noise at k™ harmonic

PM noise due to contribution of modulation

AM noiseto carrier ratio at k™ harmonic

PM-AM correlation coefficient for the k™ harmonic

Correlation matrix

Conjugate-transpose
Row-matrix

Frequency transfer matrix

Transadmittance matrix

k™ harmonic of the steady-state current through the load

Correlation coefficient of the upper and lower sidebands

Modulating signal

Phase sensitivity
Modulation index of the modulating signal

Signal to noise ratio
Sideband amplitude of a phase modulation
Coefficient of Fourier series, 0" order of the ISF

Noise bandwidth
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Wyt

Omax
NFTin(w)
NFT ypn(W)
NFTipnW)
NFTim(w)
NFTicw)
Kt

AF

s(t)

Grms)
EMF

1/f noise corner frequency of the device/transistor
Maximum charge on the capacitors in the resonator
Noise transfer function due to resonator |oss resistance
Noise transfer function due to transistor base resistance
Noise transfer function due to the transistor base current
Noise transfer function due to flicker noise

Noise transfer function due to collector current

Flicker noise constant

Flicker noise exponent

Complex envelope of the frequency modulated signal
Impulse sensitivity function

Electromotive force

Large-signal current gain

Large-signa input admittance

Large-signal transconductance
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13  Appendices

Appendix A - Design of an Oscillator Using L arge Signal S-Parameters

Figure A-1 is a numerical calculation of a 3000 MHz oscillator based on the parallél
feedback case using large-signal Sparameters. This example is of particular interest
because it requires an inductor instead of the familiar capacitor, C,, between base and

emitter. The circuit as such is a Colpitts oscillator.

3000MHz-0sc il lator

L2 EE

B, 52rH

L5E5 S

|

!||

| |cop

I

BopF
i

—AAN
140

=
.
[
|
1

Figure A-1 A 3000 MHz oscillator using a BFP520 transistor operating at 2V and 20mA. In this case, the
capacitor C, needs to be replaced by an inductor L; which tunes out the collector emitter capacitance to
achieve the optimum value. The 1nF on the left is a DC separation capacitor. This case is optimized for

output power.
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The measured large-signal Y-parameter data (I.=20mA, V.~2V) @ 3000MHz are:

Y, =G, + jB, = (1142 + j8.96) mS (A-1)
Y, =G, + jB,, = (4.35- j196.64) mS (A-2)
Y,, =G,, + jB,, = (- 433.09- j1.5643 mS (A-3)
Y,, =G,, + jB,, =(4.41+ j9.10) mS (A-4)

The optimum values of feedback element are calculated from the given expression of
B, and B, are

éBlZ + 821 l;|+ 9621 B Glz lzléGlz + G21 + l\ll:I

i
, =-{B,+ Gy A-5
B, } 11 8 2 H 5521- Blzkg 2 11u|,|yb ( )
jB, =89.8E- 3 (A-6)
JB; = jwC, (A-7)
89.8E- 3
C,=———=477pF A-8
R p (A-8)
* éB12 + B21 u é(G12 +G21)(G21 B Glz)tj
B, = "t A ¥ (A-9)
’ 8 2 H g 2(821' BlZ) H

jB, =-103.5E - 3 (A-10)

s 1
B = A-11
iB, L, (A-11)

1
L,= . 0.515nH (A-12)
(2pf)” 103.5E - 3L,
The optimum values of the real and imaginary part of the output admittance are

You:: [GOL;+j Bou:] (A_13)
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where G_,and B, isgiven as

. (G, +G,,)?(B,, - B,,)?U
Gout:Gzz' 2( 12 21) ( 21 12) l;l (A_14)
é 4G, a
G,,=-82353E- 3 (A-15)
\ G, - G, u &G, +G,,) .0 éB,+B,u
Bou =B +a4 21 12 12 21 +G 'Gou it 21 12 U (A-16)
t 22 g - BlZH 8 2 22 tH 8 2 H
B,;=-105.63E - 3 (A-17)
B =1 (A-18)
U jwi,
L, =0.502nH (A-19)
4.00 —
negative current,
2.00- et
responsible for

negative resistance

0.00

¥ 1 [mA]

reactive current,
responsible for

=200
resonance at the
Zero crossing
-4.00 - - - T
1.50 2.00 250 3.00 3.50 4.00 4.50 5.00

Freq [GHz]

Figure A2 Shows the real and imaginary currents for oscillation. The reactive current crosses the zero
line at 3120 MHz. This is close, but not exactly at the point of most negative resistance current. The
reason for the shift of 120 MHz is due to the use of small-signal analysis rather than the large-signal

analysis.
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Figure A-2 shows the simulated response of the oscillator circuit having resonance at 3120 MHz
or 5% error. The little variation in resonant frequency may be due to the frequency dependent
packaged parameters, but it is a good starting value for tuning and optimization for the best
phase noise and output power. The best phase noise a a given power output is basicaly
dependent upon the ratio and absolute value of the feedback capacitors, which in turn depends
upon the optimum drive-level.
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Appendix B - Design Example for Large Signal Design Based on Bessel Functions

Frequency = 1000 MHz.
Power output =5 mwW
Load = 500W

Figure B-1 shows the schematic of the 1 GHz oscillator as described in Section 9. The
output termination is S00W.

1@@@”!42_[:0[_:: ittse Oscillator

Dw 1
| T L ] Ves@. .38V Vh=1.23V Vee=4. 5V Vbe-8_84YV
Wl < g=1@ le=2.38nf  [be14 5uf
> N % Fa=LB0aHz

Po=5.21nl

1BpF pl

= mE=bipnoiss =

Figure B-1 The 1000 MHz oscillator chosen for the design example.

Step 1.
The 1000 MHz oscillator, using the bipolar transistor BFP520 (Infineon), is designed

based on analytical equations and is later verified with results. Based on the output
power requirement and harmonics at a given load, the drive level isfixed.
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The normalized drive level of x= 15 is chosen to allow adequate drive level to sustain
oscillation and yet, not to produce excessive harmonic content. For drive level x= 15,
the fundamental peak current is given from a graph/table as

|, (fundamental) =1.9321 . (B-1)

|, is the fundamental current specified by the output power needed for the designated
load.

R =500W (B-2)

Vo =+/Po (MW)" 2R =4+/5E- 3" 2" 500 = 2.236V (no saturation voltage assumed!)

(B-3)
|, = Yo = 2230y pomn (B-4)
500 500
o=l == 2472 5 34 (8-5)
1932 1932

Step 2

To avoid saturation in the transistor, select an emitter resistor R, to maintain a sufficiently
small emitter signal voltage of approximately half the base-emitter drop. The DC emitter
voltage also provides areasonabl e offset to the variations in the base-emitter bias voltage.
Re is set to 160W. Using the common equation for biasing, the expression for the voltage
at the base is given as

é R. U
V. =1 aR +——7+V_ =123V B-6
b egRe b+1H be ( )

b is assumed to be around 100 and Vi is approximately 0.8V .Biasresistor Ry and R; is
given as

V, = Rlljsz V, =123/ b % » 3 (B-7)
R, =1500W (B-8)

R, = 4500W (B-9)

V, =5V (B-10)
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Step 3:
The large-signal transconductance is determined as

v, =l 1932, _4d72mA _ o, o
Y 260mV  260mV

1] fundamental - freq

Step 4:
The value of nfactor is calculated from the equation above as

n2(62 +G;) - N(2G; +Y,@) +(G, +G; +Y,,) =0

where a =0.99

The quadratic equation above is reduced to

n2(62 +G;) - N(2G; +Y,@) +(G, +G; +Y,,) =0

n°(0.88+6.25) - n(2° 6.25+17.2" 0.99) + (0+6.25+17.2) =0

7.13n% - 29.528n+23.45=0

. 29.528+.,/(29.528)2 - 4” 7.13° 2345 29528+ /871.9- 668.794

2" 7.13 2° 713

| 29528+14.25

b n,=3.06 and n, =1.071
14.26

(B-11)

(B-12)

(B-13)

(B-14)

(B-15)

(B-16)

(B-17)

(B-18)
(B-19)

(B-20)

(B-21)

(B-22)
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The higher value of the transformation factor, n, is selected asn = 3.

The vaues of C1 and C, are calculated as

C: _lpc -5 (B-23)
C,+C, n n-1
c, = =%p Sy (B-24)
n-1 2 C

The ratio of the capacitor C; to C, is 2. The absolute values of the capacitors are
determined from the loop-gain condition of the oscillator as

I ‘ ' \
Al §2I1(x)3 _On §2l1(><)3 (B-25)

% =G (X) =
21||arge—sgna| m( ) kTx mfhzl X élo(x) Un=1

2
G, (x) = 1 G+CT (B-26)
R. CC,
) . ) .2
g, 621, ()0 _ 1[C,+C,J2 1 C & C,u
S Ty B TN R Ay (B-27)
X &1o(X) Un=t R, CC, R. C, & 10
. .2
88mS 1.932 _16G¢ +&E (B-28)
10 R.C,& Cig
17.01E - 3= 20 (B-29)
P
=0 _oeasw (B-30)
17.01E - 3

The quality factor of the inductor is assumed 10 at 1000 MHz, alow Q case.
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The value of inductor is obtained as

0= Re | o 2645 (B-31)
w, L 10" w,
L=— 25 _ 4o (B-32)
10" 20~ 1000E6
1é1 1u
W= [Za—+— (B-33)
L &C, CZH

1é1 1u C +C
W Ele& Tc 4 g, (B-34)
ev1 2U 1~2

The value of the capacitor is determined as

3 3
cC,=—— > pC=—"_ _=9pF B-35
2 W2 84E-9 > 3315E-9 P ( )

C,=2C, =18pF (B-36)
Step 5:
The value of the coupling capacitor, Cs, isassumed to be 10pF and the effect of Cs on the

series reactance of the inductor L must be is considered. Therefore, the inductor valueis
adjusted to

o . . 1
jw, L= JWo(L - Wozcs) (B'37)

. . . 1
“4.2nH = L-———M B-38
Iy 4.20H = jwo(L - o) (B-38)
L =6.6nH (B-39)

The base-ead inductance of the BFP520 is approximately 0.4nh, and after correcting
this, the effective value of the inductor is 6.2nH.
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Step 6:
The harmonic content can be calculated from the table of Bessel functions as

x=15p 1,=1932 ;l, =1.742l ;1, =1.272I ,;|, = 0.887 ,

(B-40)

The paradld tank circuit at the output of the oscillator is designed to filter out higher

harmonics.

Q=20
R=880
L =7nH

C = 3.60pF

(B-41)

(B-42)
(B-43)
(B-44)

(B-45)

The analytically calculated values are in good agreement with the smulated and
published results. Figure B-2 shows both the base-emitter voltage, which looks
sinusoidal, and the collector current under the given operating condition. As previousy
shown, due to the harmonic contents, there is a certain amount of ringing as well as

negative collector current. Thisis due with the tuned collector circuit.
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Figure B-2 Shows the base voltage and collector current of the oscillator in Figure B-1.

Figure B-3 shows the predicted phase noise as a function of the normalized drive level
using values of x between the levels of 4 and 18. The phase noise is not the optimized
phase noise for this configuration because the best phase noise can be achieved by
adjusting the proper ratio and absolute values of the feedback capacitors at a given drive
level and required output power.
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Figure B-3 Shows the predicted phase noise of the circuit shown in Figure B-1 with different normalized

drive levels.



Appendix C - Design Example for Best Phase Noise and Good Output Power
Figure C-1 shows the parallel-tuned Colpitts oscillator circuit, which has to be designed
with the following specifications. The unit was also built and measured. It uses a
ceramic resonator and its equivalent circuit is shown.

Requirements:

output power requirement: 13 dBm
operating frequency: 1000 MHz
load: 50 W
phase noise —124 dBc/Hz @10KHz
Design Steps
Step 1:

Calculation of the operating point for a fixed, normalized drive of x = 20 (high output
power).

Based on output power requirement, the following is calculated.

The oscillator output voltage at the fundamental frequency is

Vo W) =4/Py Wy ) * 2R =/20E - 3* 2% 50 » 1.414V (C-1)
The fundamental current is

oo (W) = Toe o) = 284 - 55 s (C-2)

The DC operating point is calculated based on the normalized drive level x=20. The
expression for the emitter dc aurrent can be given in terms of the Bessel function with
respect to the drive level is

[l E(WO)] =2l ¢ gﬂﬂ (C-3)

el O(X) Ux=Normalized- Drive Level
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Figure C-1 Schematic of the 1000 MHz oscillator.
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Figure C-2 Predicted output power of the oscillator.
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Figure C-3 Predicted phase noise of the oscillator.

For the normalized drive level x = 20, the output emitter current at the fundamental
frequency can be given as

el,(x)u

[I E (WO)])(:ZO = [I El(WO)]x:ZO +[| E2 (WO)]X=20 =2l Wl) » S6mMA (C-4)
€7 0\ Uy=20
[1e,Wo)],oo = 1o (W) = 28.3mA (output current to the load) (C-5)

Figure C-4 shows the oscillator circuit configuration in which DC and RF current
distribution is shown and divided into its components.
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Figure C-4 Current distribution in the oscillator circuit.
[I EZ(WO)]X:ZO = [I E (Wo)]xzzo B [l El(WO)]x:ZO =27.3mA (C'6)
IE_DC - [l E (WO)]x:20 - 283mA (C_7)

2éI (X)u
el 0( X) HX=20

For this application, the NE68830 was selected.
Step 2:
Biasing circuit

For the best phase noise close-in, a DC/AC feedback circuit is incorporated which
provides the desired operating DC condition [84]:



|e=28.3mA

Vce=5.5V, Supply Voltage V,.=8V
b=120

1»0.23mA

Step 3.

Calculation of the large-signal transconductance.

gl € €21, (x)u

=G C-8
21|I arge- signal ( ) KTx gl—(x) B ( )
€1.9491 u
Y. A——EDC - =0,107 C-9
[ 21:|w=w0 e 520mV H ( )
Step 4
Loop Gain.
Theloop gainis
. _éR Yzl(X)U éR.0,, ue2| (X)Uelu
Loop- Gain =[LG] g ion =
oop ain [ ]sustamed— condition 8 n U 8 X Uel (X) tEnH
(C-10)
Reo (fo) = Re || Bias- circuitb 50.73W (C-11)
As earlier derived, the loop gain should be 2.1 to have good starting conditions!
2R, Y. y *
n= ere 21(x)3= 0.107*50.73 .o (C-12)
e 21 2.1



Step 5:

Calculation of the feedback capacitor ratio.

éc,u écC, u
n=1+g=t=2523P gty =1523(2523-1) (C-13)
ev>2u e~2 Uy=o9

Step 6:

Calculation of absolute values of feedback capacitor.

The expression of Z, (Looking in to the base of the transistor) can be given as

;@& Ya B 1 @ SCICHC)O B wYal, & Y, &
" WO+ C 0, SAr WAL @ (G +Co)C, 5 ST wYALD) Ew (G, +C,)C, i
(C-14)
where
Cp = (Cgepxc tContribution from layout)=1.1pF
Lp=(Lg + Lgx +Contribution from layout)=2.2nH.
The expression for the negative resistance R, is
R R,
_ n - C-15
R L+w?YAL3)  [1+(2p *1E9)** (0.107)** (2.2nH)?] ( )
Req » 23 (C-16)

3.65



ey, u _ 0.107

Ré—u

W2C,C,q . (2p *1E9)’C,C,

R, isthe negative resistance without parasitics (C,,L,).
For sustained oscillation ® R, 3 2Reeq @101.4 Ohm
R, =3.65*101.4 » 3710hm

AiA107u
&’ b 371

CGC, = » 7.26

ECU

e_LJ »1.52
€%~2 Uy=20

C, =3.3pF

C,=22pF

Step 7:
Calculation of the coupling capacitor re.

The expression for the coupling capacitor is

C.c >i (W’C,C,)[L+wW?YAL2) i
10~ 7 “{[YZC,- W’C,C,)A+W?Y2L2)(C, +C, +C )]{)
C, ® 0.4pF

(C-17)

(C-18)

(C-19)

(C-20)

(C-21)

(C-22)

(C-23)

(C-24)

Figure C-5 shows the transistor in the package parameters for the calculation of the

oscillator frequency and loop gain.
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Figure C-5 NE68830 with package parasitics. Q is the intrinsic bipolar transistor.

Tables C-1a and C-1b show NE68830 nonlinear parameters and package parameters
which were taken from the NEC data sheets.

Table C-1a Nonlinear parameters

Parameters Q Parameters Q
IS 3.8E-16 MJC 0.48
BF 135.7 XCJC 0.56
NF 1 CJS 0
VAF 28 VIS 0.75
IKF 0.6 MJS 0
NE 1.49 TF 11E-12
BR 12.3 XTF 0.36
NR 11 VTF 0.65
VAR 35 ITF 0.61
IKR 0.06 PTF 50
ISC 3.5E-16 TR 32E-12
NC 1.62 EG 111
RE 04 XTB 0
RB 6.14 XTI 3
RBM 35 KF 0
IRB 0.001 AF 1
RC 4.2 VIE 0.71
CJE 0.79E-12 MJE 0.38
CJC 0.549E-12 vVJC 0.65




Table C-1b Package parameters of NE68830

Parameters NEG68830
Ces 0.24E-12
Cee 0.27E-12
Lg 0.5E-9
Le 0.86E-9

Cearxec 0.08E-12
CCEPKG 0.04E-12
CBEPKG 0.04E-12
Lex 0.2E-9
Lcx 0.1E-9
Lex 0.2E-9

Design Calculations
1. Frequency of Oscillation

Frequency of the oscillation is

| 1
¢ §C +C,)CcCu U
e 6, ~ ~.u u
& 8(C +CtC)) g U
és (c } U
TE U
8&(C, +C,+C,) 1] a

W, =

(C-25)

with

L =5nH (Inductance of the parallel resonator circuit)
C, = 2.2pF
Ci= C, +Cp
Cp=1.1Pf (Cgep¢c t+ Contribution from layouit)
C,=2.2pF
C.= 0.4pF
C=4.7pF
Rp=12000 (M easured)
eR. U_ 380

Qunloaded = mg -
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2. Calculation of the Phase Noise

The noise equation which was determined in Section 8.4, EQ. (8-94), and which contains
resonator noise, shot noise, and flicker noise, can now be used to graphically determine
the best phase noise as a function of n. Figure C-6 showsaplot of thiscurve. It givesthe
best number of n to be 2.5, which is consistent with the calculation done for the large-
signal condition. Eqg. (C-12) gives the same result.

dBco/Hz NN I I I I | I I I
~122 —I\ﬁ N it
\ _
m I.__\ i e
‘E \"'\-..\_\_ __—o—'-__'_'-__'_'_
o -124 m— -
o
L
7]
o =126 — =1
ey
[
=128 I~ =1
—— | | | I | | I | |
0 25 4 5.5 7 8.5 W 1Ls 13 145 16

n

Figure C-6 The phase noise contribution of the lossy resonator at 10KHz offset.

The calculated phase noise at 10 KHz off the carrier is —124 dBc/Hz, which agrees with
the measurements within 1 dB. The other values are —140 dBc/Hz at 100 kHz offset and
—160 dBc/Hz at 1 MHz offset.

This drcuit is shown in Section 9.1, Figure 9-2. The actual measured phase noise is
shown in Figure 9-4, and the simulation is shown in Figure 9-5. Considering that
Eq. (8-94) only contains shot and flicker noise, as well as resonator noise, it has been
proven that this by itself isavery accurate formulafor practical use. Figure 9-5 has been
generated from using Ansoft Designer, which includes all noise sources and is based on
the harmonic balance principle.

The important conclusion found in Section 8 is that for the first time we have a complete
mathematical synthesis procedure for best phase noise that covers both flicker noise and
white noise for the oscillator. In the past, most publications have referenced an oscillator
built with many shortcuts and then the author found that the measured results agree with
the expectations. A complete synthesis approach has not appeared previoudly.
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